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Abstract

The transition towards sub-mmWave frequencies offer tremendous potential due to the abun-
dantly available RF bandwidth, reduced form-factor of the passives like on-chip antennas, and
better lateral and range resolution (as a consequence of high bandwidth). At frequencies below
100 GHz, the limited bandwidth puts an upper limit on the maximum data-rate for communi-
cation systems, and it also limits the range resolution for FMCW RADAR systems. Hence,
operation towards sub-mmWave frequencies provides an alternative in mitigating the limita-
tions of the existing wireless systems at low frequencies. It also opens the possibility for new
applications like high-resolution imaging for security and non-destructive testing, and material
identification and characterization. The traditional optical techniques for signal generation and
detection at sub-mmWave frequencies are bulky and expensive. The low integration density
of III-V based electronic systems limits its scalability, especially for mass volume applica-
tions. The recent advancements in silicon process technologies have made it a viable low-cost
alternative as compared to III-V based compound semiconductors. A significant advantage
of silicon technologies is the high integration density. This allows the implementation of the
digital and baseband electronics in the same chip resulting in a compact, and single-chip so-
lution. This gives silicon-based systems a significant edge over the III-V semiconductors in
terms of economies of scale. This thesis addresses the various circuit design challenges and
system level considerations for the realization of a fully-integrated Tx and Rx chipset towards
sub-mmWave frequencies in SiGe BiCMOS technologies.

The first part of the thesis is focused on the challenges at the individual circuit building-
blocks of the RF front-end. The challenges associated with the implementation of wideband
amplifiers with high gain and output power at frequencies close to fmax/2 are addressed here.
The limited output power of power amplifiers (PAs) limits the maximum range of wireless
links, and is one of the significant impediments. In this thesis, the special considerations
for loadline matching of PAs towards sub-mmWave frequencies are presented, and power
combination techniques for PAs are explored for high power generation.
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Another key challenge addressed here is the implementation of a high-power wideband
tunable local oscillator (LO) source operating at the fundamental frequency with low dc-power
consumption. This is one of the key aspects in giving the chipset a generic attribute, which
makes it suited for applications requiring a fixed (communication) or a wideband tunable LO
(FMCW RADAR, imaging, material characterization). In terms of output power, bandwidth
and figure-of-merit (FoM) at the individual building-block level, the results presented in this
thesis are beyond the current state-of-the-art in silicon technologies and are comparable to
implementations in III-V technologies.

Based on the circuit building-blocks presented in the first part, a generic wideband fully-
integrated direct-conversion 240 GHz quadrature Tx and Rx chipset is implemented and pre-
sented in the second part of the thesis. The focus here is on the integration of wideband on-chip
antennas designed to be used with an external replaceable silicon lens for high directivity. The
chip-lens assembly is mounted on a low-cost PCB material (Rogers 4350B) for an overall
compact form-factor. The on-chip antenna and chip-lens assembly is done in a collaborative
teamwork and leverages the expertise of our research group in low-cost packaging. For wide-
band IF matching, stepped impedance microstrip-line based low-pass filters are implemented
on the PCB. The packaged chipset was used to demonstrate a high data-rate communication
system at 240 GHz over a wireless link of 70 cm. For QPSK and BPSK modulation schemes,
the maximum measured data-rates using this chipset are 24 Gbps and 25 Gbps respectively. At
the time of writing this thesis, this is the highest data-rate reported in the literature for fully-
integrated wireless systems above 200 GHz in silicon technologies. A different version of this
chipset is used for the demonstration of a monostatic FMCW RADAR system operating in the
210-270 GHz frequency range, and it uses identical circuit building blocks. This proves the
generic attribute of this implementation.

Hence, the results from this work provide a holistic foundation towards mitigating the
challenges at the circuit and system level for the realization of compact, low-cost and fully-
integrated silicon-based systems for emerging applications towards sub-mmWave frequencies.
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Chapter 1

Introduction

1.1 Motivation towards sub-mmWave frequencies

The decade-wide spectral band that extends from 0.3-3 THz is referred to as the sub-mmWave
frequency band. This frequency band is also referred to as the terahertz gap (“THz gap”) as
the frequency is low to be bridged by the traditional optical and photonic based systems, and
high to be bridged by the conventional electronics [1, 2]. The transition towards sub-mmWave
frequencies is motivated by the limitations of the existing systems at lower frequencies, and
also by the potential of new and novel applications. The abundant unregulated RF bandwidth
[3] available at sub-mmWave frequencies is one of the key advantages. From 200-300 GHz,
a contiguous 100 GHz spectrum (largest below 1 THz) is available, and this is unimpeded
by atmospheric attenuation maxima and rain attenuation levels [4, 5]. Since data-rate for
communication systems is directly proportional to the available RF bandwidth, it is particu-
larly interesting for the implementation of wireless systems with data-rates towards 100 Gbps
[6–13]. For Frequency Modulated Continuous Wave (FMCW) Radio Detection And Rang-
ing (RADAR) systems [14–18], a higher RF bandwidth improves the range resolution, and a
higher frequency of operation improves the lateral resolution. Another significant advantage
of a higher frequency of operation is the reduced form-factor of the passives, and this makes
the on-chip integration of antennas possible. Hence, a single-chip solution is feasible, and this
results in an overall cost reduction. Moreover, the improved lateral resolution and the ability
of sub-mmWave radiation to penetrate most non-conductive materials, along with its non-
ionizing nature (compared to X-rays) makes it attractive for applications like imaging [19–21]
for security and medical applications, material characterization [7], and non-destructive test-
ing.

The electronic systems are preferred over the bulky optical and photonic systems [1, 22]
for sub-mmWave systems due to the advantages like scalability, smaller form-factor and lower
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cost. The significant strides in semiconductor process technology development in the recent
past [23–25] have made electronics based system a strong contender towards bridging the
THz gap. For electronics-based systems, silicon technologies are preferred as they allow the
baseband and the digital circuitry to be integrated on the same chip. The resulting compact
form-factor allows scalability, and results in a significant reduction of the cost thereby making
it economically viable for large volumes. The III-V semiconductor based systems which are
typically encapsulated in split-block waveguide packaging [13] are bulky and not easily scal-
able. The intense research in low-cost silicon-based mmWave systems in the last decades have
already resulted in the commercialization of mass market solutions like the 77 GHz automo-
tive RADAR among others. Such systems will be indispensable for the future of autonomous
self-driven cars and intelligent driver assistance systems [26, 27].

The search for compact, scalable and cost-efficient systems towards sub-mmWave frequen-
cies is a topic of active research. This thesis addresses the various circuit design challenges
and system level considerations for the realization of a fully-integrated Tx and Rx chipset
towards sub-mmWave frequencies in SiGe BiCMOS technologies.

1.2 Application scenarios towards sub-mmWave frequencies

In this section, a brief discussion of the different application scenarios towards sub-mmWave
frequencies is presented. These applications leverage the significant advantages of operation
at sub-mmWave frequencies like abundant RF bandwidth, compact form-factor of passives,
and better lateral and range resolution.

1.2.1 High data-rate communication systems

The demand for ubiquitous wireless systems and the proliferation of high-definition (HD)
multimedia content have resulted in a voracious appetite for anytime, anywhere high data-rate
systems. This demand has pushed the existing systems to their limits. The maximum data-rate
is limited by the RF bandwidth, and this follows from the Shannon-Hartley equation 1.1 [28]

C = B× log2(1+
S
N
) (1.1)

Here, C is the channel capacity in bits per second, B is the bandwidth and S
N is the required

signal to noise ratio (SNR) for error-free communication.
A consequence of operation towards sub-mmWave frequencies is the high Friis loss or the

free-space-propagation-loss (FSPL). At 240 GHz, the FSPL over a 1 m distance is 80 dB while
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it is only 46 dB at 5 GHz. The high FSPL can be compensated to some extent by using high
gain antennas. However, the typical Tx output power above 200 GHz in silicon technologies
is in the mW range [4, 6–11, 21, 29, 30]. Hence, only short range high-directive point-to-
point wireless links are feasible [31]. Such links can be used within the realm of existing
systems for further performance enhancement. Some of the potential application scenarios
are summarized below [32].

• 5G cellular networks: As part of the hierarchical cellular networks, the wireless links
towards sub-mmWave frequencies can be used as part of small cells (femto and pico
cells) with typical coverage range less than 10 m. The typical operational environment
includes static and mobile users for indoor and outdoor scenarios, and also as high data-
rate backhaul networks for small cells [32, 33].

• Ultra high data-rate chip-to-chip communication: The ever shrinking feature size of
high-performance transistors (CMOS gate length) have led to a considerable reduction
in the size of the on-chip interconnects as well. However, the RC delay of physical in-
terconnects far exceeds the transistor delay. This is one of the fundamental performance
limiting factors. This challenge is further aggravated by the fact that contemporary
microprocessor architectures are based on multiple core-level parallelizations. This re-
quires high-speed communication between the various cores over the bus [34, 35]. A
wireless bus where different cores communicate over a wireless link provides an alterna-
tive to the performance limiting physical interconnects. For high data-rate chip-to-chip
communication, the operation towards sub-mmWave frequencies is attractive due to the
advantage of significant form-factor reduction of the passives, particularly for the on-
chip antennas.

• Close-proximity high data-rate communication: A typical scenario involves the wireless
transfer of HD movie and audio between wireless gadgets within seconds over a very
short link (1 m and less) like data kiosk [32].

• Wireless nanosensor networks: In this application, distributed autonomous nanosensors
communicate among themselves over a very short range high data-rate wireless link.
The sense parameters are relayed to a hub which communicates to the outside world
using conventional WiFi and cell-phone networks. This is particularly interesting for
applications like remote health monitoring of patients. The other application scenario
can be Internet of Nano-things (IoNT) which enable interconnection of nanoscale de-
vices with the existing communication networks [32, 36].
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1.2.2 FMCW RADAR systems

f RFf LO

Directional

coupler Duplexerramp generator

Freq

R

Target

f IF

Signal processing

Mixer

Figure 1.1: Block diagram of a FMCW RADAR system. The down-converted IF signal can
be used to estimate the range (R) of the target. In general, the higher the bandwidth, the better
is the range resolution.

The advancement in silicon process technologies have resulted in the proliferation of low-
cost RADAR sensors for a variety of applications like contact-less motion and range detection
systems [37], automotive RADAR for active safety [38–41], and recently even for hand gesture
recognition for intelligent driver assistance [26]. The 77 GHz automotive RADAR is now
commercially available in Silicon Germanium (SiGe) technology. In modern feature loaded
cars, RADARs with different ranges for various functions are available [27, 38]. For RADAR
based systems, the continuous-wave (CW) mode is preferred over the pulse-mode of operation.
This is primarily due to the lower peak-power requirements in the CW mode. Figure 1.1
shows the block diagram of a widely used CW-based FMCW RADAR system. The directional
coupler samples a part of the transmitted signal from the frequency ramp generator, and this
is used as the LO signal for the mixer. The reflected signal fRF from the target is mixed with
fLO, and the range (R) can be estimated from the down-converted IF signal fIF . In general,
the higher the bandwidth, the better is the range resolution [42, 43]. Since there is abundant
RF bandwidth available at sub-mmWave frequencies, wideband FMCW RADAR systems at
these frequencies are attractive. The other advantages of transition towards sub-mmWave
frequencies are better lateral resolution and form-factor reduction of the passives like on-chip
antennas.
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1.2.3 Imaging systems

The non-ionizing nature of the sub-mmWave radiation and its ability to penetrate most non-
conductive materials makes it well suited for imaging for security and medical applications,
material identification and characterization, and other non-destructive evaluation systems [19–
21, 29, 44–46]. The typical imaging systems are based either on the transmission mode or the
reflection mode. In the transmission based system, the attenuation and phase change of the
transmitted signal through the material-under-test (MUT) is measured. In the reflection mode
system, the reflected signal from the MUT is measured either in a monostatic or bistatic con-
figuration [47]. In general, imaging systems can be classified as active or passive imaging
systems. For active imaging, a source of illumination is required for higher contrast or better
signal-to-noise ratio. The coherence of the illumination source can sometimes cause unwanted
specular effects which can destroy the image quality [21]. Hence, typically stochastically in-
dependent non-coherent sources are preferred. In contrast, passive imagers do not require any
source of illumination and it measures the naturally-emitted thermal (black-body) radiation
from an object [48]. For outdoor systems, the “cold” sky provides the reference for passive
imagers, and there are low atmospheric attenuation windows at 94, 140 and 220 GHz [49].

1.3 sub-mmWave system implementation

The implementation of sub-mmWave systems can be realized either using optical or electronic
techniques or a combination of both. The laser-based complex optical techniques are bulky,
not easily scalable, and hence not cost efficient for certain applications. Although it is not
always possible for electronic based systems to replace optical techniques, it does provide a
promising and viable alternative. In this section, a comparative discussion between the optical
and the various electronic based systems for the implementation of sub-mmWave systems are
presented.

1.3.1 Optical based sub-mmWave systems

The optical techniques for sub-mmWave systems can be classified as CW and pulse-mode
techniques [22]. The pulsed technique is extensively used for sub-mmWave or THz time do-
main spectroscopy (TDS) and imaging [50]. In this technique, femtosecond lasers are used
to illuminate a photoconductive (PC) antenna [51] to generate THz pulses. For many appli-
cations like communication, CW signals are required. For CW generation of THz signals,
the technique of photo mixing is frequently used [52]. The output power is low (typically
µW range) in this case due to the high conversion-loss of the photomixer. A relatively high
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power (typically mW range) CW THz generation technique involves quantum cascade lasers
(QCL). The QCL use intersubband transitions in a repeated stack of semiconductor multi-
ple quantum well heterostructures for laser action [53]. However, to make QCL operate at
frequencies in the THz gap requires cryogenic cooling [1]. For the detection of CW THz ra-
diation, various strategies based on direct detection and coherent detection exists. Some of
the detectors based on the direct detection principle are calorimeters [54], bolometers [55],
pyroelectric detectors [56] and pneumatic detectors like Golay cells [57]. The heterodyne
detection techniques which require cryogenic cooling for operation include superconductor-
insulator-superconductor (SIS) devices [58] and Josephson junctions [59].

1.3.2 Electronics based sub-mmWave systems

The implementation of sub-mmWave systems using electronics can be broadly categorized as
vacuum electronic devices (VED) and solid state devices (SSD). In general, electronic sources
convert the kinetic energy of the electron to electromagnetic radiation. Hence, VED is superior
to SSD as the electron transport is collision-less in the vacuum with very little or no scattering
which results in higher output power [60, 61]. The backward wave oscillators (BWO) are
commonly used VED due to their wideband performance and high output power. In [62], a
0.65 THz source with 52 mW output power, and in [63] BWOs operating above 1 THz and
output power in the 0.5-2 mW range are reported. The BWOs require high voltage (typically
kV) and high magnetic field (0.6 T at 1 THz) [64], which is a significant disadvantage. Hence,
it is not a scalable and cost-efficient solution.

1.3.2.1 III-V semiconductor based sub-mmWave systems

The III-V based compound semiconductor technologies have a higher maximum frequency
of oscillation ( fmax), higher output power, and lower noise in comparison to the silicon tech-
nologies. The commonly used III-V based transistors are the high-electron-mobility transis-
tors (HEMT), metamorphic HEMT (mHEMT) and hetero-junction bipolar transistors (HBT).
For HEMTs, Indium phosphide (InP) is among the fastest [61] while Gallium Nitride (GaN)
based technologies have tremendous potential for high power application due to its higher
breakdown voltage. In [25], an amplifier at 1 THz with 9 dB gain is reported in a 25-nm
InP HEMT technology with a fmax of 1.5 THz. For GaN-based HEMTs, fmax greater than
600 GHz have been reported [32]. In [65], a THz imaging system using InP is reported, and
in [66] a 100 Gbps wireless link is demonstrated using a mix of 35-nm mHEMT technology
and optical techniques. In comparison to the VED, the III-V based systems are compact, and
hence preferable. In [13], a 64 Gbps high data-rate communication system over a wireless
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link of 850 m is demonstrated in a mHEMT technology. The III-V based systems are based
on split-block waveguide components, and the digital and baseband circuitry cannot be inte-
grated on the same chip. Hence, the scalability is limited, and it is not suitable for high volume
applications.

1.3.2.2 Silicon based sub-mmWave systems

A significant advantage of silicon over the III-V semiconductor process technologies is the
unmatched integration density. Such high level of integration is made possible due to the
ability to implement the digital and baseband electronics in the same die. By integrating on-
chip antennas, a single chip solution can be implemented. This makes silicon-based systems
highly scalable, and hence economically viable for high volume applications. The last decades
have seen tremendous improvements in silicon process technologies thereby making it a strong
contender as a low-cost alternative towards bridging the THz gap. In [24], a 130-nm SiGe
BiCMOS technology is reported with fT/ fmax of 300/500 GHz at room temperature. The
integration of a CMOS backend in this technology gives the advantage of using the high-
performance HBTs for the radio-frequency (RF) front-end, and CMOS for the digital and
baseband circuitry. In [67], it is demonstrated that the achievable fT/ fmax for this technology
is 479/798 GHz at 4.3 K. Recently as part of the DOTSEVEN project, SiGe HBTs with fmax

approaching 700 GHz at room temperature [23] are targeted. For CMOS technologies, the
gate length is reduced for increasing the fT , and this results in the reduction of the breakdown
voltage. For a 22-nm CMOS technology, the estimated fT is 500 GHz, and it is expected
by appropriate device layout fmax can be increased by 35-50% [1]. However, interconnect
parasitics reduces the maximum achievable fmax considerably [1]. In [6], the reported fmax

for a 40-nm SOI CMOS process is 300 GHz including the interconnects up to the top metal
layer. An undesired consequence of increasing the device speed in silicon technologies is the
reduced breakdown voltage. For SiGe HBTs, the Johnson limit given by fT ×BVCEO≤ 200
GHzV defines the relationship between fT and BVCEO [68]. Similarly, for CMOS technologies
where the gate length is reduced for increasing the fT , the breakdown voltage goes down. This
limits the maximum voltage swing and hence the maximum output power. Among silicon
technologies, the higher breakdown voltage of SiGe HBTs (BVCEO = 1.5V , BVCBO = 4.5V )
[23] in comparison to CMOS technologies (maximum drain voltage of 1 V [69]) gives it an
edge for applications towards sub-mmWave frequencies.

By leveraging the abundant RF bandwidth available at sub-mmWave frequencies, numer-
ous high data-rate communication systems have been demonstrated above 200 GHz in low-
cost silicon technologies. Since output power is typically limited, simpler modulation schemes
like on-off keying (OOK) are preferred as it allows the Tx to be operated in saturation. The
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OOK based communication systems have been demonstrated at 210 GHz [6] in a 32-nm SOI
CMOS technology, and also at 260 GHz [8] in a 65-nm CMOS technology with a maximum
data-rate of 10 Gbps. In [70], an OOK based communication system operating from 397-428
GHz is demonstrated in a 130-nm SiGe BiCMOS technology with a maximum data-rate of
10 Gbps. In [11], a fully-integrated 240 GHz I/Q Tx and Rx chipset with on-chip antennas is
reported in a 130-nm SiGe BiCMOS technology. For quadrature-phase-shift-keying (QPSK)
and bipolar-phase-shift-keying (BPSK) modulation schemes, the maximum measured data-
rates using this chipset are 24 Gbps and 25 Gbps respectively over a wireless link of 70 cm.
This chipset is also capable of supporting higher order modulation schemes like quadrature-
amplitude-modulation (QAM), which is reported in the first generation of this chipset in [7].
A 240 GHz wideband QPSK transmitter and receiver in [9, 10] is demonstrated in a 65 nm
CMOS technology with a maximum data-rate of 16 Gbps. In this implementation, frequency
triplers are used for power generation at 240 GHz from an 80 GHz VCO. A 6-channel 300
GHz transmitter in a 40-nm CMOS technology capable of supporting 32-QAM modulation
scheme is recently reported in [71] with a data-rate of 17.5 Gbps/channel.

In the literature, numerous implementations of FMCW RADAR systems above 200 GHz
are demonstrated in low-cost silicon technologies which leverage on the high available RF
bandwidth for better range resolution. Also, the higher frequency of operation results in a
better lateral resolution. In [16], a 0.32 THz FMCW RADAR system in a 130-nm SiGe
BiCMOS technology is demonstrated. The architecture is based on frequency multiplication,
and the operational bandwidth is 27 GHz which results in a range resolution of 6.8 mm. A
very wideband monostatic circular polarized FMCW RADAR system operating from 210-270
GHz [72] is demonstrated in a 130-nm SiGe BiCMOS technology with fT/ fmax of 300/450
GHz. The high RF bandwidth of 60 GHz for this chipset resulted in a range resolution of
2.75 mm. In this implementation, the use of a circularly polarized antenna eliminates the need
for circulators. The other ultra-wideband FMCW RADAR systems at 240 GHz are reported
in [17, 18, 73], and a 3D FMCW synthetic-aperture-RADAR (SAR) system at 240 GHz is
reported in [17].

For imaging applications, a 160 GHz to 1 THz multi-color imaging system operating si-
multaneously at six harmonics is reported in a 130-nm SiGe BiCMOS technology in [20].
In [29], a fully integrated 825 GHz chipset with on-chip patch antennas is demonstrated in a
250-nm SiGe BiCMOS technology for heterodyne imaging. A 650 GHz SiGe receiver front
end in a 250-nm SiGe BiCMOS technology is reported in [74]. This receiver is based on a
sub-harmonic mixer topology, and the peak conversion-gain (CG) is -13 dB and the noise-
figure (NF) is 42 dB at 650 GHz. A 1 k-pixel (32×32) camera chip for active terahertz video
recording at room-temperature is reported for the first time in [19] in a 65-nm CMOS bulk
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process technology. The individual pixels are based on square law detectors, and a wideband
on-chip antenna designed to be used with an external silicon lens is used. The camera oper-
ates from 0.7-1.1 THz and operates up to 500 fps in the video mode. At 856 GHz, the total
noise-equivalent-power (NEP) is 12 nW integrated over its 500-kHz video bandwidth. At the
source side, free-running systems for active imaging are reported in [75] at 246 GHz in a 130-
nm SiGe BiCMOS technology, and 288 GHz [76] in a 65-nm CMOS technology. In [21], a
0.53 THz reconfigurable free-running source array consisting of 16 (4×4) pixels with a total
radiated power up to 1 mW is reported. The individual pixels are based on two triple-push
oscillators locked 180◦ out of phase. In this implementation, the scalability of silicon tech-
nologies for array based systems together with a low-cost packaging system is demonstrated.
In [77, 78], a tunable 500 GHz gas spectroscopy system in a 130-nm SiGe BiCMOS tech-
nology is demonstrated to detect toxic gases like nitrogen dioxide (493.28 GHz) and sulfur
dioxide (491.93 GHz).

Based on the discussion above, it can be concluded that silicon process technologies are
a promising low-cost alternative to the III-V technologies for different applications towards
sub-mmWave frequencies.
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1.4 Scientific contribution

This thesis addresses the various circuit design challenges and system level considerations for
the realization of a fully-integrated Tx and Rx chipset towards sub-mmWave frequencies in
SiGe BiCMOS technologies. The primary focus and the scientific contribution of this the-
sis are on the aspects of wideband circuit building-blocks with high gain (for amplifiers) and
output power at frequencies of operation close to fmax/2. The results presented here are a sig-
nificant improvement in comparison to the previous designs where the maximum frequency of
operation for the amplifiers was up to fmax/3, and frequency multiplier stages were used for
power generation beyond fmax/3. To circumvent the limited room for gain-bandwidth trade-
off close to fmax/2, a comprehensive circuit design methodology encompassing optimum in-
terstage matching for wideband operation, accurate parasitic modeling, and special loadline
considerations for PAs (due to the low output impedance at high frequencies) is presented for
the first time. Based on this approach, a 4-stage PA at 240 GHz using the capacitor-coupled
LC resonator based bandwidth enhancement technique is reported with a record output power
of 7.5 dBm, a peak small-signal gain of 26 dB and a 3-dB bandwidth of 28 GHz. In terms of
International Technology Roadmap for Semiconductors (ITRS) figure-of-merit (FoM), this PA
has the best FoM above 200 GHz among all other implementations of PAs in silicon technolo-
gies at the time of writing this thesis. Also, power combination for PAs operating above 200
GHz is demonstrated for the first time in a silicon technology. At 215 GHz, a 4:1 combiner-PA
with a peak saturated output power (Psat) of 9.6 dBm (record number) is reported, which is
comparable with III-V technologies.

For LO signal-generation, sub-harmonic techniques were previously used for frequencies
above 200 GHz. This was due to the challenge of generating sufficient output power over a
wide bandwidth at fundamental frequencies. In this thesis, a high power wideband frequency
multiplier-based LO signal source at 240 GHz is presented with a 3-dB bandwidth of 50 GHz.
The technique of stagger frequency tuning is used for wideband operation, and this source
is optimized for low dc-power consumption. The 240 GHz LO signal source presented in
this thesis have the highest output power, bandwidth and DC-RF efficiency for frequency
multiplier-based sources in the 200-325 GHz range in silicon technologies. This circuit can
also be used as a standalone source, and also to pump sub-harmonic receivers at 480 GHz with
an overall bandwidth of 100 GHz. By cascading non-linear stages at the output of this source,
a wideband signal source at sub-mmWave frequencies can be implemented.

At the system level, a direct-conversion 240 GHz I/Q Tx and Rx chipset with wideband
on-chip antennas is presented. The chipset is integrated into a low-loss chip-on-board (COB)
packaging. The packaged chipset was used to demonstrate a high data-rate communication
system at 240 GHz over a wireless link of 70 cm. For QPSK and BPSK modulation schemes,
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the maximum measured data-rates using this chipset are 24 Gbps and 25 Gbps respectively. At
the time of writing this thesis, this is the highest data-rate reported in the literature for fully-
integrated wireless systems operating above 200 GHz in silicon technologies. The generic
attribute of this chipset was demonstrated previously for the demonstration of a monostatic
210-270 GHz FMCW RADAR system implemented using identical circuit building-blocks.

Hence, the results presented in this work contribute further in establishing silicon-based
fully integrated, low-cost systems with a compact form-factor as a viable alternative to the ex-
isting III-V based systems towards sub-mmWave frequencies. This work was partially funded
by the European Commission within the DOTSEVEN project (no. 316755), and the DFG
funded Real100G project. The results presented in this work contribute significantly to the
success of these projects.
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1.5 Thesis outline

This thesis is divided into five chapters in total including the Introduction. The outlines for the
subsequent chapters are as follows.

• A general discussion of the different circuit design considerations towards sub-mmWave
frequencies is presented in Chapter 2. The topics addressed here are wideband LO
signal-generation using the frequency multiplier-based approach versus oscillator-based
approach, and wideband amplifier design. Also, presented are the challenges in PA de-
sign for high output power, and the special considerations for loadline matching towards
sub-mmWave frequencies. Furthermore, a discussion on the different power combina-
tion techniques for PAs is presented. The motivation for the choice of an appropriate
circuit design topology for the individual circuit building-blocks for a 240 GHz quadra-
ture Tx and Rx chipset is presented at the end of each section.

• The design and characterization results of the individual circuit building-blocks for a 240
GHz quadrature Tx and Rx chipset (presented in Chapter 4) are presented in Chapter 3.
The circuit design of a four-stage 240 GHz PA with a peak Psat of 7.5 dBm, a peak small-
signal gain of 26 dB and a 3-dB bandwidth of 28 GHz is presented. Also presented
is the design of a 4:1 combiner-PA operating from 200-225 GHz. For parallel power
combination, the microstrip-line based zero-degree-combiner (ZDC) topology is used.
For this design, the peak Psat at 215 GHz is 9.6 dBm. For LO signal-generation, a 240
GHz wideband frequency multiplier-based signal source with a 3-dB bandwidth of 50
GHz, and a peak output power of 6.4 dBm at 230 GHz is presented. This wideband LO
source is used to drive the mixers in the 240 GHz quadrature Tx and Rx chipset. This
source uses four cascaded Gilbert-cell based frequency doubler stages. The individual
doubler stages are optimized to eliminate the need for intermediate drive amplifiers
and reduce the overall dc-power consumption. Furthermore, the design and simulation
results for the 240 GHz up-conversion and down-conversion mixers are presented. It
is challenging to characterize the breakout structures of the mixers with an external LO
due to the drive power requirements, and hence only the simulation results are presented
here.

• The RF and IF bandwidth characterization results from a fully-integrated 240 GHz
quadrature Tx and Rx chipset with on-chip antennas is presented in Chapter 4. The
chipset is based on the direct-conversion topology with on-chip antennas, and is inte-
grated into a low-loss chip-on-board (COB) packaging. For wideband IF matching, a
high-speed PCB (Rogers 4350B) with stepped-impedance microstrip-line based low-



1.5 Thesis outline 13

pass filters is used. The packaged chipset was used to demonstrate a high data-rate
communication system at 240 GHz over a wireless link of 70 cm. For QPSK and BPSK
modulation schemes, the maximum measured data-rates using this chipset are 24 Gbps
and 25 Gbps respectively.

• A summary of this thesis and the main conclusions are presented in Chapter 5. An
outlook for the further improvement and enhancement of this work is also presented.
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1.6 Contribution of others

This thesis work is a culmination of original contributions from my side. The contribution of
the other group members in the Institute for High-Frequency and Communication Technology
(IHCT) at the University of Wuppertal is acknowledged, and their specific contributions are
listed here.

• For the 200-225 GHz combiner-PA presented in Chapter 3, a high gain driver-PA is
added to facilitate on-wafer measurements. This is done to compress the core-PA since
no external drive amplifiers are available in this frequency band, and the total waveguide
and probe losses at the input and output are 10 dB. The driver-PA is based on a high
gain LNA previously designed by Mr. Stefan Malz. The core-PA which is optimized for
high output power is designed by Prof. Dr. rer. nat. Ullrich R. Pfeiffer. My contribution
here is the investigation and the complete design and implementation of an efficient
power-combiner for the maximum enhancement of the output power from the unit PAs.
I have done the top-level layout and top-level simulation, which involves EM-circuit
co-simulation using the full layout of the combiner.

• For the fully integrated 240 GHz I/Q Tx and Rx chipset presented in Chapter 4, the on-
chip wideband 90◦ hybrid for quadrature LO generation, and the on-chip antennas were
designed by Dr. Janusz Grzyb. The contributions of Mr. Pedro Rodriguez Vazquez in
the top-level layout of the Tx and Rx chipset, and sample preparation for measurements
are acknowledged. Prof. Dr. rer. nat. Ullrich R. Pfeiffer contributed in the top-level
layout in the first version of the chipset.

• The high-speed PCB design activity was initiated as part of a bachelor thesis work for
Mr. Robin Zatta with support from Mr. Pedro Rodriguez Vazquez. The insights and
learnings from this design activity are acknowledged. The PCB design presented in
this work is a completely new design implemented by me, and it is optimized for much
higher bandwidth, flatter group-delay and return loss of less than -10 dB up to 14 GHz.
Also, for mechanical stability, the overall filter size is minimized to reduce the size of
the overall PCB. The suggestions from Dr. Janusz Grzyb for the full EM simulation of
the filter is acknowledged. The contribution of Mr. Wolfgang Foester in preparing the
PCB layout and communication with the PCB manufacturers is acknowledged.



Chapter 2

Circuit design considerations towards
sub-mmWave frequencies

In Chapter 1, the various advantages and motivation for systems operating towards sub-mmWave
frequencies have been presented. The implementation of “all-silicon” based sub-mmWave
systems offer significant incentives like overall cost reduction and scalability. In this chapter,
the different circuit design techniques and considerations for operation towards sub-mmWave
frequencies are presented. The particular emphases are on the aspects of wideband operation,
high power generation and wideband LO signal-generation.

This chapter is divided into four sections. At the conclusion of each section, the moti-
vation for the choice of an appropriate topology for the implementation of the different 240
GHz circuit building-blocks in Chapter 3 is presented. In section 2.1, the pros and cons for
LO signal-generation using oscillator-based and frequency multiplier-based approaches are
presented. The different wideband circuit design techniques are presented in section 2.2. In
section 2.3, the fundamental challenges limiting the output power of PAs operating towards
sub-mmWave frequencies are presented, along with the special considerations for loadline
matching. The different power combining techniques for PAs are presented in section 2.4.
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2.1 LO signal-generation towards sub-mmWave frequencies

One of the primary challenges towards operation at sub-mmWave frequencies is wideband LO
power generation for driving the mixers in the Tx and Rx chain. The choice of an appropriate
LO topology depends on the application. A wideband tunable LO is preferred as it makes
the implementation generic, and hence well-suited for different applications like communi-
cation, FMCW RADAR and imaging. The output power, bandwidth and phase-noise of a
LO signal source are the important parameters. For communication systems, LO phase-noise
contributes to the overall phase-modulation (PM) distortion at the output, which results in an
increased error-vector-magnitude (EVM) and consequently a higher bit-error-rate (BER). For
FMCW RADAR applications, LO phase-noise decreases the dynamic range which results in a
significant reduction in the capability of resolving smaller targets against a high-density back-
ground clutter [79]. In this section, a discussion on the pros and cons of LO signal-generation
techniques based on high-frequency oscillators and frequency multipliers is presented.

2.1.1 High-frequency oscillator-based LO signal source

The implementation of a fundamental VCO based LO signal source towards sub-mmWave
frequencies in silicon technologies is confronted with the multiple challenges of limited tran-
sistor gain, and the low Q-factor of the passives primarily varactors. This results in low output
power, and consequently a higher phase-noise. Also, the varactor parasitics at frequencies
above 100 GHz severely limit the tuning range [80]. Another disadvantage of a higher fun-
damental frequency of oscillation is the challenge of implementing frequency dividers. The
highest frequency of operation for static frequency dividers is 133 GHz, and is fundamentally
limited by the gate delay [81, 82]. The maximum frequency of operation for the dynamic fre-
quency dividers is comparatively higher. However, it requires high input power (greater than
0 dBm above 200 GHz) [83], which is a significant disadvantage. Hence, due to these chal-
lenges, the fundamental oscillators above 200 GHz in silicon technologies are free-running
implementations with very limited tunability [4, 6, 75, 84]. This restricts their usability only
for applications requiring non-coherent operation like OOK based communication. By low-
ering the fundamental frequency of oscillation to the 120-180 GHz range, power generation
towards sub-mmWave frequencies are demonstrated using a push-push topology in [4, 85]
and a triple-push topology in [21, 86]. In [87], a 240 GHz synthesizer is reported where the
fundamental frequency of the VCO is 120 GHz, and a frequency doubler is used for power
generation at 240 GHz. A lower fundamental frequency, in this case, makes it feasible to im-
plement the frequency dividers. However, the tunability in all these cases is still very limited.
By significantly reducing the fundamental frequency (below 20 GHz) and using frequency
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multipliers, most of the limitations for high-frequency oscillators discussed in this section can
be circumvented for LO signal-generation towards sub-mmWave frequencies.

2.1.2 Frequency multiplier-based LO signal source

In comparison to the high-frequency oscillators, the wideband frequency multipliers offer sig-
nificant advantages like higher tunability and flexible phase-noise performance towards opera-
tion at sub-mmWave frequencies. This makes them well suited for applications requiring both
a fixed and a tunable LO [7, 88]. Also, this approach is well-suited for process technologies
without high-Q varactors at high frequencies. For an overall frequency multiplication factor
of N, the degradation in phase-noise is 20× log(N) [89]. In comparison to oscillators, bet-
ter and flexible phase-noise performance can be achieved using a frequency multiplier-based
approach towards sub-mmWave frequencies. The phase-noise at an offset of 10 MHz for
fundamental oscillators operating in the frequency range from 218-245 GHz is -98 dBc/Hz
[4]. In contrast, the phase-noise at an offset of 1 MHz at 240 GHz is -110 dBc/Hz for a
×16 frequency multiplier-based LO signal source. An external input signal at 15 GHz with a
phase-noise of -135 dBc/Hz at an offset of 1 MHz offset is used in this case. This is shown
in Figure 3.48 of section 3.3. The important requirements for frequency multiplier-based
LO signal-generation are wideband operation, high output power, low dc-power consump-
tion and suppression of spurious harmonics. A typical frequency multiplier chain consists of
cascaded non-linear stages with intermediate drive amplifiers. The choice of an optimal fre-
quency multiplication scheme is important as the drive amplifiers can contribute significantly
to the overall dc-power consumption [29, 90]. A detailed discussion on the even-harmonic
and odd-harmonic frequency multiplier topologies are presented in the next sections.

2.1.2.1 Even-harmonic frequency mutiplier topologies

The push-push topology is commonly used for even-harmonic generation due to its simplic-
ity, wideband performance and inherent fundamental suppression [4, 91, 92]. For this circuit
topology, the output load can either be connected at the collector node [90] or the emitter node
[4]. For improving the conversion gain [92] harmonic traps (short at the even harmonic of
interest) are sometimes used, but this limits the bandwidth and is hence not preferred. Some
of the wideband push-push frequency doublers reported in the literature operate from 160-
310 GHz with output power from 3 to -8 dBm in a 65-nm CMOS technology [93], 245-285
GHz with a peak output power of -7 dBm in a 40-nm CMOS technology [94], 215-240 GHz
with a peak output power of -3 dBm, and 308-328 GHz with a peak output power of -1 dBm
[90] in a 130-nm SiGe BiCMOS technology. The push-push topology for frequency quadru-
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Figure 2.1: Schematic of a frequency doubler circuit based on the Gilbert-cell topology. The
RF and LO signal inputs are ac-coupled, and self-multiplication results in the generation of a
dc-offset and a 2nd harmonic component.

pling is demonstrated for signal-generation at 500 GHz in [95] and 120 GHz in [96]. The
disadvantage of the push-push topology is the inherent single-ended output. For differential
operation, two push-push stages should be driven in quadrature. However, the 90◦ hybrids
are lossy, narrowband and can occupy significant chip area [97]. The injection locked fre-
quency doublers (ILFD) can also be used for even-harmonic generation. In this technique, the
even-harmonic of the input signal from a non-linear stage is injected into an oscillator tuned
to the even harmonic of interest. In general, ILFDs can operate with a low input power at
the center frequency. However, the required input power increases and phase-noise degrades
as the frequency-offset increases. The overall bandwidth depends on the locking range of the
oscillator, which is related to the Q of the oscillator tank [98]. The complexity of implement-
ing oscillators at higher frequencies limits the maximum frequency of operation for ILFDs to
the lower mmWave frequencies [99, 100]. The injection locking technique can also be used
for frequency quadrupling as reported in [101] for a 60 GHz injection-locked-qadrupler in a
65-nm CMOS technology.

In comparison to the other techniques, the balanced Gilbert-cell topology offers signifi-
cant advantages like inherent differential operation, wideband operation, high conversion gain
and inherent fundamental suppression [100]. In this topology, the self-mixing of the input
signal results in the generation of a 2nd harmonic signal at the output. Figure 2.1 shows the
schematic of a Gilbert-cell based frequency doubler circuit. The input RF signal is coupled to
the switching quad (Q1-Q4) using the coupling capacitors C. In this topology, the signals can
be multiplied in phase or quadrature. For an input RF signal Acosθ , in-phase multiplication
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results in a dc-offset of A2

2 , and a 2nd harmonic component of A2

2 cos2θ . For quadrature multi-
plication, no dc-offset is generated and the 2nd harmonic component is A2

2 sin2θ . The quadra-
ture generation requires 90◦ hybrids which are lossy, narrowband and can consume significant
chip area. Hence, effectively the power at the desired 2nd harmonic is higher for in-phase
multiplication as compared to the quadrature multiplication in typical implementations. The
problem of dc-offset in the case of in-phase multiplication can easily be mitigated by using
blocking capacitors, which form part of the interstage matching networks. In [102], V-band
Gilbert-cell based frequency doublers operating from 55-75 GHz (31% fractional bandwidth)
with a peak output power of 0.3 dBm is reported in a 130-nm SiGe HBT technology. A 235-
275 GHz wideband (16% fractional bandwidth) frequency multiplier chain, consisting of 4
cascaded Gilbert-cell based doubler stages, with a peak output power of 0 dBm is reported in
a 130-nm SiGe BiCMOS technology in [88].

2.1.2.2 Odd-harmonic frequency mutiplier topologies

For odd-harmonic generation, diode-based techniques based on anti-parallel diode pairs and
anti-serial (back-to-back) diode pairs can be used to exploit the non-linearities of the p-n junc-
tion, and maximize the odd-harmonic of interest [103, 104]. The problems for the diode
based frequency multipliers are high conversion loss and strong input drive power require-
ments. Hence, active frequency multiplier techniques using transistors are typically preferred.
An overdriven CE amplifier stage is the simplest implementation of a single-ended frequency
tripler. If a large input signal is applied to the input, then it results in a square wave at the
output due to clipping. In the ideal case, a square wave contains only odd-order harmon-
ics, and the odd-harmonic of interest can be maximized by an appropriate output matching
network. The overdriven differential amplifier is a commonly used circuit topology for odd-
harmonic generation as the differential operation eliminates any even-order harmonics at the
output. In contrast to the push-push and Gilbert-cell based doubler topologies, which pro-
vides inherent fundamental suppression, there is a significant fundamental component at the
output of a differential amplifier based odd-harmonic generator. In [29], cascaded ×3 and
×5 frequency multiplier stages are used for signal-generation at 820 GHz for an overall ×45
frequency multiplication. This resulted in an Effective-Isotropic-Radiated-Power (EIRP) of
-17 dBm at 823 GHz. Other examples of differential amplifier based frequency triplers are
reported in [90, 105]. Similar to ILFDs, ILFTs can also be used for frequency tripling in the
lower mmWave region [106–108].
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2.1.3 Conclusion

A comparative discussion of high-frequency oscillator-based versus frequency multiplier-based
approaches for wideband LO signal-generation towards sub-mmWave frequencies was pre-
sented. At sub-mmWave frequencies, frequency multiplier-based approach offers significant
advantages like wideband tunability (without high-Q varactors at mmWave frequencies and
higher) and better phase-noise performance. This also gives the Tx and Rx chipset a generic
attribute, making it suitable for applications with a fixed LO (communication) or a tunable
LO (FMCW RADAR, imaging) requirement. Based on these considerations, a wideband fre-
quency multiplier-based LO signal source at 240 GHz is presented in section 3.3. The design
goals for this LO signal source are a 3-dB bandwidth of at least 40 GHz, an output power
greater than 5 dBm above 240 GHz, low external drive power (-10 dBm), and also the min-
imization of the overall dc-power consumption (less than 1 W). This source consists of four
cascaded frequency doubler stages. The choice of the doubler topology over higher-order fre-
quency multiplication factors are motivated by the factors of higher conversion gain and output
power. The high output power from the individual doubler stages allows the stages to be cas-
caded without any intermediate drive amplifiers. This helps to reduce the overall dc-power
consumption. The Gilbert-cell topology is preferred over the class-B and ILFD based fre-
quency doublers due to its inherent differential operation, higher conversion gain and inherent
fundamental suppression. For the Gilbert-cell topology, in-phase multiplication is preferred
since hybrids are required for quadrature multiplication. The hybrids make the implementa-
tion narrowband, introduce loss and occupy significant chip area. The dc-offset generated due
to in-phase multiplication can be eliminated by ac-coupling capacitors, which form part of the
interstage matching networks.
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2.2 Wideband techniques towards sub-mmWave frequencies

The implementation of wideband circuit building-blocks is important to leverage the abundant
RF bandwidth available at sub-mmWave frequencies. At low frequencies, negative feedback is
extensively used for bandwidth enhancement as sufficient gain is available. The other benefits
of negative feedback are lower noise, better linearity and higher stability. The low maximum-
available-gain (MAG) at operation frequencies close to fmax/2 leaves limited room for gain-
bandwidth trade-off, and hence negative feedback cannot be used. In this section, some of the
wideband circuit design techniques towards sub-mmWave frequencies are presented.

2.2.1 Coupled-resonators

R 1C1 L1 2L RC 2 2
Q1
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L 4

b)
L C33
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Q2

stage2

X(j
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)ω

Figure 2.2: Schematic of a two-stage tuned CE amplifier. A passive network X(jω) isolates
the capacitors C1 and C2. The network X(jω) can be implemented using a) a series-capacitor
Cc, b) a series-LC circuit L3, C3, and c) a series-inductor L4.

This section presents a summary of the discussions presented in [109–113] for bandwidth
enhancement using coupled-resonators. The gain-bandwidth (GBW) product of an amplifier
stage is independent of frequency, and it is limited by the inherent parasitic capacitance. The
low gain per stage makes cascading of multiple stages inevitable as the gain from a single
stage is not enough, especially at high frequencies. The cascading of stages result in a further
reduction of the GBW product. Figure 2.2 shows a two-stage tuned common-emitter (CE)
amplifier. Here, the equivalent resistance and capacitance of the output impedance of stage1 is
R1 and C1, and it is R2 and C2 for the input impedance of stage2. L1 and L2 are the respective
tuning inductors at the output of stage1 and input of stage2. The GBW product for stage1
alone is given by gm/C1. If stage1 and stage2 are directly coupled, the GBW product for the
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first stage reduces to gm/(C1+C2) due to the loading of the succeeding stage. The reduction in
GBW product can be mitigated by isolating the capacitors C1 and C2 with a passive coupling
network X(jω). The network X(jω) can be implemented using a) a series-capacitor Cc, b) a
series-LC circuit L3, C3, and c) a series-inductor L4. The network X(jω) introduces zeroes in
the passband. By the optimum placement of the poles and zeroes, the bandwidth can be sig-
nificantly enhanced. The inductively coupled-resonator, and the series-LC coupled-resonator
require three inductors in total (including L1 and L2), which can consume significant chip area.
Also, the self-resonance-frequency (SRF) of the inductors at high frequencies is a significant
issue. The problem of low SRF for the shunt inductors L1 and L2 can be mitigated by using
shorted transmission lines, but the problem with the series inductor persists. In contrast, the
capacitor-coupled LC resonator technique gives similar performance, and is relatively simpler
to implement with significantly less chip area. Hence, it is well suited for operation towards
sub-mmWave frequencies. The bandwidth and gain-ripple increases with increasing Cc. The
choice of an optimum Cc is based on the considerations of bandwidth, gain-ripple, peak gain
and group-delay. In [109], the capacitor-coupled resonator technique is used for a wideband
RF front-end with a fractional bandwidth of 20% at 60 GHz.

2.2.2 Stagger frequency tuning

For a multi-stage amplifier, if the individual stages are tuned to the identical center frequency
then the overall bandwidth of the amplifier is significantly reduced. Another significant disad-
vantage of cascading identically tuned stages is the drastic increase in the overall group-delay
variation as the number of cascaded stages increases. For communication applications, am-
plifiers with high group-delay variation are not suitable. If BW is the bandwidth of a single

stage, then the overall bandwidth BWoverall for N cascaded stages is BW×
√

2
1
N −1 [111].

For a four-stage amplifier with identically tuned stages, BWoverall is only 43.5% of the band-
width of a single-stage. If the overall fractional bandwidth requirement is 15% for a 4-stage
amplifier, then the required fractional bandwidth for the individual stages is 35%. Such high
fractional bandwidth per stage can be quite challenging to achieve. To circumvent this limita-
tion, stagger frequency tuning is an attractive option. In this technique, the individual stages
are tuned to different frequencies. By appropriately choosing the center frequency of the
individual stages, the overall bandwidth can be significantly enhanced. Another important
consequence of frequency staggering between the individual stages of a multi-stage amplifier
is the considerably reduced overall group-delay variation in comparison to identically tuned
cascaded stages. This makes this technique well suited for applications like high data-rate
communication where flat group-delay performance is important. The technique of stagger
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frequency tuning has been demonstrated for wideband PAs in the D-band with a peak gain
of 17 dB, and a fractional bandwidth of 23% (135-170 GHz) in a 130-nm SiGe technology
in [114]. In [115], a 140 GHz amplifier using stagger frequency tuning is demonstrated in
a 65-nm CMOS technology, and the resulting group-delay variation is 10 ps over a 12 GHz
bandwidth.

2.2.3 Distributed amplifiers

Rbias
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VDD

input
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Rin
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Figure 2.3: Schematic of a distributed amplifier. The overall amplifier architecture is additive,
which results in wideband operation from DC to very high frequencies.

The distributed amplifiers (DA), which are also called traveling wave amplifiers, were first
reported in [116, 117]. This technique uses gain-delay trade-off which results in wideband
operation from DC to very high frequencies. Figure 2.3 shows the schematic for a distributed
amplifier where the inputs of the transistor are fed by tapped delay lines and the outputs are
fed into another tapped delay lines. These delay lines are typically implemented using trans-
mission lines [118, 119]. The signal on the input line is amplified by each transistor, and the
delay in the lines is such that each transistor adds power in phase at the output resulting in sig-
nal amplification. The overall amplifier architecture is additive i.e. the overall gain is obtained
by adding up the gains of the individual stages, and not from multiplication as is typically
the case with multi-stage amplifiers. Hence, the overall gain can be greater than 1 even at
frequencies where gain per stage is less than 1. The overall voltage gain of the DA [118] is
given by n×gm×(Z/2)×L where Z is the characteristic impedance of the input and the output
lines, gm is the transconductance of each transistor, n is the number of stages, and L is the end-
to-end loss of the overall transmission line. In the ideal case, unlimited bandwidth (from DC)
is achievable from this amplifier topology. However, L is frequency dependent (skin-effect
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and dielectric losses), and the parasitic capacitance at the input and output of the transistor
modify the complex propagation constants and puts an upper limit on the maximum achiev-
able bandwidth [120]. Some of the distributed amplifiers reported in literature operate from
14-105 GHz [121] in a 90-nm CMOS technology, 15-125 GHz in a 130-nm SiGe BiCMOS
technology [122]. In [123], a distributed amplifier with 10 dB gain, and a 3-dB bandwidth
of 110 GHz is reported in a 130-nm SiGe BiCMOS technology. A wideband traveling wave
frequency multiplier operating from 220-275 GHz is reported in a 65-nm CMOS technology
in [124]. For an overall required gain, more stages are required for distributed amplifiers as
compared to the conventional multi-stage amplifier topology.

2.2.4 Conclusion

A discussion on the different wideband circuit design techniques towards sub-mmWave fre-
quencies was presented. For the 240 GHz RF front-end components in Chapter 3, the dis-
tributed amplifier topology is the least preferred topology for bandwidth enhancement due
to high dc-power consumption and large chip area requirements. The accurate modeling of
the parasitics is very challenging above 200 GHz, and small modeling errors can result in
a significant shift of the center frequency. The 240 GHz wideband PA presented in section
3.1 consists of four identical cascaded stages. By using identical stages, the impact due to
any modeling errors can be significantly reduced. Hence, the capacitor-coupled LC resonator
based bandwidth enhancement technique is used for the 240 GHz PA. The value of the cou-
pling capacitor is chosen based on the considerations of bandwidth, measurement limitations,
gain ripple, peak gain and group-delay variations. For the 240 GHz frequency multiplier-
based wideband LO signal source presented in section 3.3, the individual doubler stages are
frequency-staggered for wideband operation. This technique is used for the ease of implemen-
tation. Moreover, the sensitivity of the initial doubler stages to parasitics and modeling errors
are less due to lower operation frequency.
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2.3 Power Amplifiers towards sub-mmWave frequencies

In this section, the different circuit design considerations for the implementation of PAs to-
wards sub-mmWave frequencies are presented. The particular emphasis is on the special load-
line matching considerations due to the low output impedance of PAs.

2.3.1 General PA design considerations

The key performance parameters for a PA are gain, output power, linearity and power-added-
efficiency (PAE). The optimum load impedance for a required output power and gain can
be derived from the loadpull simulations. From loadpull simulations, contours of constant
gain and output power for different load impedances can be obtained [125]. However, the
loadline approach provides a simpler and an intuitive alternative to the loadpull simulation.
In this approach, the optimum frequency independent load impedance (Ropt) which results in
the simultaneous maximization of the voltage and current swing can be calculated from the
equation 2.1. Here, Vknee is the knee voltage which is the saturation voltage for a CE stage,
IDC is the dc bias current (corresponding to peak fmax) [125, 126], and the maximum VDD

depends on the breakdown voltage.

Ropt ∼
VDD −Vknee

IDC
(2.1)

For SiGe HBTs, the maximum VDD is limited by the collector-emitter breakdown voltage for
an open base configuration (BVCEO) for a CE stage. If a low impedance biasing network is
used, VDD can exceed BVCEO to a certain extent as it provides an escape path for hot carriers
generated due to avalanche. Hence, the output power (Pout) is given by the equation 2.2. Here,
x is the factor by which BVCEO can be exceeded.

Pout = (
xBVCEO −Vknee

2
√

2
)2/Ropt (2.2)

As the fT of a process technology increases, BVCEO decreases (Johnson limit). This limits
the voltage swing, and hence the maximum Pout . To circumvent this, cascode topology is
frequently used where the maximum VDD is limited by the collector-base breakdown voltage
for an open emitter configuration (BVCBO) which is much higher than BVCEO [127]. This
allows a larger voltage swing, and hence a higher Pout . The power-added-efficiency (PAE) is
another important performance metric which quantifies the DC-RF conversion efficiency. It is
given by the equation 2.3.

PAE =
Pout −Pin

PDC
=

Pout(1−1/Gain)
PDC

(2.3)
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Figure 2.4: Equivalent current source representation of the output stage of a class-A PA. The
output matching network transforms the load impedance RL to Rt . Here, Ro is the real part of
the output impedance after tuning out the parasitic capacitance [130].

The non-linear PA topologies like class-B, class-AB and class-C have higher PAE as compared
to the linear class-A stage. This is because the device is on only for a certain duration of a
cycle for the non-linear stages. The switch-mode PAs like class-E are another class of non-
linear PAs which are highly efficient. For switch-mode PAs, the transistor is operated as a
switch rather than a current source [126]. The parasitic capacitance makes the implementation
of switches challenging towards sub-mmWave frequencies, and hence class-E PAs are limited
to 100 GHz and below (low mmWave). In [128], the highest frequency class-E amplifier at
93 GHz is reported in a silicon technology with a PAE of 40.4%. In general, the non-linear
topologies have lower gain than the linear topologies. At frequencies of operation close to
fmax/2, the limited gain restricts the choice of topology to class-A. Hence, the PAE is very
low. To compare the different linear PA implementations at different frequencies of operation
( f ), an ITRS FoM is defined. It is given by the equation 2.4 [129].

FoMPA = Pout ×Gain×PAE × f 2 (2.4)

2.3.2 Loadline matching considerations

The output stage of a class-A PA can be represented using an equivalent current source shown
in Figure 2.4. Here, Ro is the output resistance (at resonance), and Rt is the transformed load
impedance RL due to the output matching network. The output matching network should be
implemented so that the condition Ro || Rt= Ropt is satisfied. The Ropt (frequency independent)
is the optimum loadline impedance from the equation 2.1, and this results in the simultaneous
maximization of the voltage and the current swing. As the frequency of operation increases,
Ro decreases and this effect is more evident above 100 GHz.
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Figure 2.5: Layout cross-section of a SiGe HBT from IHP Microelectronics based on the
double-polysilicon self-aligned (DPSA) architecture [131] with a lateral intrinsic-to-extrinsic
base link.

Figure 2.5 shows the layout cross-section of a SiGe HBT from IHP Microelectronics with
the different parasitic elements. This HBT is based on the double-polysilicon self-aligned
(DPSA) architecture with lateral intrinsic-to-extrinsic base link. Here, Rbi is the internal base
resistance, Rbx is the external base resistance, Rcx is the external collector resistance, Rci

is the internal collector resistance, Re is the emitter resistance, RCS is the collector-substrate
resistance, Ccbx is the external base capacitance, Ccbi is the internal base-collector capacitance,
Ccbo is the collector-base overlap capacitance, and CCS is the collector-substrate capacitance
[130, 131]. The corresponding small-signal equivalent circuit with all the parasitics is shown
in Figure 2.6. For the CB stage of a cascode amplifier where the base is grounded, a tuning
inductor at the collector node only tunes out the effective parasitic capacitance at the output
which is dominated by the collector-substrate capacitance. The parasitic capacitances from the
intrinsic device which are not accessible cannot be tuned out completely, and this introduces
frequency dependence in Ro (at resonance). Based on the detail analysis presented in [130],
Ro ∝ 1/f2.
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Figure 2.6: Small-signal lumped equivalent circuit for the device shown in Figure 2.5 with the
various parasitic elements [130, 131].

Figure 2.7 shows the simulated output impedance for a single-ended cascode amplifier
at different resonant frequencies. For this simulation, transistors with an emitter area of
8×(0.96× 0.12) µm2 from a 130-nm SiGe HBT technology [23] are used. From 60-120
GHz, the output impedance decreases only by 14% while it decreases by 44% in the 140-280
GHz frequency range. As Ro decreases with frequency, the loadline matching may not always
be optimum depending on the relative values of Rt and Ro. The following scenarios need
special consideration.

1. If Ro ≤ Ropt , then the condition Ro || Rt= Ropt (from loadline matching) cannot be
satisfied for any value of Rt . In this case, conjugate matching is the optimum.

2. If Ro > Ropt and the required Rt for satisfying the condition Ro || Rt= Ropt is Rt < Ro,
then loadline matching is the optimum.

3. If Ro > Ropt and the required Rt for satisfying the condition Ro || Rt= Ropt is Rt > Ro,
then more power is dissipated in the transistor output impedance than in the load. Hence,
conjugate matching is the optimum in this case also.

Hence, due to the low output impedance of PAs towards sub-mmWave frequencies the
loadline matching may not always be optimum. In that case, conjugate matching is the best
option provided it ensures stable operation.
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Figure 2.7: Simulated real part of the output impedance of a cascode stage at different resonant
frequencies. The output impedance decreases only by 14% from 60 to 120 GHz range while
it decreases by 44% from 140 to 280 GHz [23].

2.3.3 Conclusion

A discussion of the different circuit design considerations for PAs towards sub-mmWave fre-
quencies was presented. The low MAG above 200 GHz in silicon technologies restricts the
choice of the PA topology to class-A. Moreover, the low output resistance of a tuned amplifier
stage with increasing frequency makes it challenging to efficiently couple the output power to
the load, and the loadline matching may not always be optimum. Based on these consider-
ations, the design of a four-stage class-A PA at 240 GHz is presented in section 3.1. In this
case, conjugate matching is used at the output of the PA.
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2.4 Power-combiner PAs towards sub-mmWave frequencies

The device size of the output-stage of a PA determines the maximum Psat . This is based on the
assumption that the output matching network provides the optimum load impedance at the PA
output. As the frequency of operation increases, the required tuning inductance decreases for a
given device size. Hence, the minimum synthesizable tuning inductance limits the maximum
device size as discussed in details in section 3.1.1.2. At frequencies above 200 GHz, the effect
of via-inductance can be substantial and hence the maximum device size is further limited.
For the further enhancement of Psat , power-combination networks provide an alternative. The
power combination network combines the output power from multiple PAs. For a n-way
power-combiner, the enhancement in the overall output power is by a factor of 10× log(n) in
the ideal case. For efficient power combination, the insertion loss of the combiner should be
as low as possible. The power from the multiple unit PAs can be added in free-space or on-
chip. The on-chip power combination networks are preferable [132–140] for fully-integrated
systems due to its smaller form-factor, low chip-area requirement, and comparatively easier
implementation over the free-space power combination topology [77, 78, 141].

2.4.1 Discussion on the general on-chip power combining techniques

The Wilkinson power-combiner [142] is the simplest power combination topology based on
the quarter-wave impedance transformers. For n-way Wilkinson power-combiner, the re-
quired characteristic impedance of the transmission lines scales by a factor of

√
n. The

minimum trace-width (from process technology) for microstrip-lines determine the maximum
line impedance, and hence limits the scalability. To mitigate this, n-way Wilkinson power-
combiners are based on a hierarchial structure or corporate ladder structure [143]. This sig-
nificantly increases the chip-area requirements and the overall loss. Moreover, this approach
is inherently narrowband since the line dimension is λ /4. Alternatively, the transformer-based
power-combiners are preferable since they offer a significant advantage of simultaneous wide-
band impedance transformation and power combination in a compact form-factor. The com-
mon transformer-based power-combiners can be broadly classified as series power-combiners
and parallel power-combiners [144]. Recently, a combination of the series and parallel power-
combination topology is also reported in [136].
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Figure 2.8: Transformer-based series power-combiner. In this topology, the output voltages
from the unit PAs are summed at the combiner output. At the output of the unit PAs, the load
impedance ZL is transformed to ZL/n.

2.4.1.1 Series power-combiners

The transformer-based series power-combiner is based on voltage addition. The output volt-
ages from the unit PAs are combined at the output as shown in Figure 2.8. For 1:1 turns ratio,
n-way series power combination results in the load impedance ZL being transformed to ZL/n
at the output of the unit PAs. This allows larger device size for the unit PAs as the optimum
load impedance goes down with increasing device size. However, this comes at the cost of
increased sensitivity to parasitics. The distributed-active-transformer (DAT), which was first
reported in [133], is a commonly used series power-combiner. In [134], a DAT based power
combining PA (4:1) with an output power of 23 dBm at 60 GHz is demonstrated. As discussed
in [134, 136], the scalability of DAT based power-combiner at mmWave frequencies is chal-
lenging beyond 2-way combination. The primary issue is the asymmetric load impedances
seen by the unit PAs due to the inter-winding parasitic capacitances which can have implica-
tions on the stability.

2.4.1.2 Parallel power-combiners

The transformer-based parallel power-combiner adds the output current from the unit PAs at
the combiner output as shown in Figure 2.9. For 1:1 turns ratio, n-way parallel power com-
bination results in the load impedance ZL being transformed to n×ZL at the output of the
unit PAs. Since the transformed load impedance at the output of the PA goes up (for 1:1
turns ratio), the sensitivity to parasitics is decreased. However, the power delivered from each
PA is reduced due to the increase in the impedance at the output. This issue can be allevi-
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Figure 2.9: Transformer-based parallel power-combiner. In this topology, the output current
from the unit PAs are added at the output of the combiner. At the output of the unit PAs, the
load impedance ZL is transformed to n×ZL.

ated by using an optimum impedance transformation ratio. The layout of the transformer-
based parallel power-combiner is complex which results in a much lower SRF as compared
to the transformer-based series power-combiner. Hence, transformer-based parallel power-
combiners are typically used at low-frequencies (up to a few GHz) [138]. The parallel power-
combiners at mmWave frequencies are based on transmission-lines as shown in the Figure
2.10. In this approach, transmission lines are used to add the output current from the unit
PAs. The unit PAs drive the power-combiner in phase which results in a higher port-to-port
isolation. By choosing the optimum line parameters, the line lengths can be significantly
reduced to minimize the insertion-loss, and ensure optimum impedance-transformation and
wideband operation. The Zero-Degree-Combiner (ZDC) based power combination networks
have been demonstrated at mmWave frequencies for 8-way power combination in [139] and
16-way power combination in [140]. A combination of series and parallel power combin-
ing techniques is proposed in [145]. In this approach, the output currents from two DAT
based series power-combiners are combined in parallel using transmission line based parallel
power-combiner. This approach takes advantages of both series and parallel power combina-
tion while getting rid of their drawbacks. In [136], a 4-way power combination based on the
series-parallel combiners is demonstrated for the entire E-band with a Psat of 20.9 dBm and
PAE of 22% in a 40-nm CMOS technology.
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Figure 2.10: Transmission-line based parallel power-combiner. This topology is preferred at
mmWave frequencies and higher. The small line dimensions reduce the insertion loss and
ensures wideband operation [139, 140].

2.4.2 Conclusion

A discussion of the different on-chip power combining techniques for PAs was presented
in this section. The transformer-based power combination networks, which also provide
impedance transformation, result in an overall compact form-factor. The complex layout re-
stricts the transformer based parallel combiners to the low GHz range, and typically DAT
based series combiners are widely used at mmWave frequencies. However, the scalability of
DAT beyond 2:1 is confronted with the challenge of asymmetric load impedances which can
impact the stability. Moreover, the low SRF of transformers does not allow the implemen-
tation of DAT above 200 GHz. The compact transmission line based ZDC provides a viable
alternative for power combination of PAs towards sub-mmWave frequencies. By keeping the
line lengths smaller, insertion loss can be minimized and wideband performance can be en-
sured. Based on these considerations, a 200-225 GHz wideband power combining amplifier
based on ZDC for 4:1 power combination with a peak output power of 9.6 dBm at 215 GHz
is presented in section 3.2.



Chapter 3

Tx and Rx circuit building-blocks for
frequencies above 200 GHz

In Chapter 2, the various circuit design considerations and challenges towards sub-mmWave
frequencies are presented. This chapter presents the design and characterization results from
the different Tx and Rx circuit building-blocks for a 240 GHz fully-integrated quadrature Tx
and Rx chipset presented in Chapter 4. This chapter is divided into four sections. In section
3.1, a 240 GHz wideband PA optimized for high gain and output power is presented. To
drive the mixers in the Tx and Rx chipset, a frequency multiplier-based wideband LO signal
source at 240 GHz is presented in section 3.3. This source can also be used as a standalone
tunable high-power source. In section 3.4, the design considerations for the up-conversion
and down-conversion mixers of the 240 GHz Tx and Rx chipset are presented. The mixers
are characterized as part of the overall Tx and Rx chipset since it is difficult to characterize
breakout structures of the mixers due to the challenge of providing sufficient LO drive power
from external sources. In [7, 88], the first generation of these circuits were reported, and the
second generation of these circuits are presented in this work. These circuits are implemented
in a 130-nm SiGe BiCMOS technology from IHP Microelectronics, and is developed within
the DOTSEVEN project [23]. The peak fT/ fmax for this technology is 350/550 GHz, and the
back-end-of-the-line (BEOL) offers seven metalization layers. This process technology offers
silicided and unsilicided polysilicon resistors, MIM capacitors (1.5 fF/µm2), and two thick top
metal layers with a thickness of 2 µm (TM1) and 3 µm (TM2) for RF applications.

In section 3.2, a 200-225 GHz wideband power combining amplifier is presented. For
4:1 parallel power combination, a microstrip-line based zero-degree-combiner (ZDC) is used.
This circuit is implemented in a 130-nm SiGe BiCMOS technology from Infineon Technolo-
gies AG which is also developed within the DOTSEVEN project [23]. The process tech-
nology features high-speed npn-HBTs with peak fT /fmax of 250/370 GHz. The BEOL offers
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seven metalization layers with thick low-loss copper layers at the topmost layer for mmWave
applications. The results from this work have been reported in [146].

3.1 240 GHz wideband PA

The design of a 240 GHz wideband PA with high gain and output power is presented in this
section. In the ideal case, the MAG for this process technology at 240 GHz is 9.4 dB as shown
in Figure 3.1. For this simulation, a single-ended cascode amplifier is used. By taking into
account the typical implementation losses of 3-3.5 dB, the net MAG is 6-6.5 dB. The 240
GHz wideband PA consists of four cascaded stages. For on-wafer characterization, auxiliary
Marchand-baluns [142] have been added at the input and output. The individual stages of the
PA are based on the pseudo-differential cascode topology due to the advantages (over the CE
stage) like higher breakdown voltage and better isolation as presented in section 2.3.
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Figure 3.1: Simulated MAG for a single-ended cascode stage is 9.4 dB at 240 GHz. The
HBTs are biased at the peak fmax current of 12.5 mA, and transistors with an emitter area of
8×(0.96× 0.12) µm2 are used.

The implementation of a true differential amplifier with a tail current source above 200
GHz is challenging. An active tail current source is not effective anymore due to its low output
impedance. The other option of using inductor-based current source is not effective as the low
SRF limits the maximum synthesizable inductance. Ideally, the inductance should be as high
as possible for the current source implementation. The other alternative of implementing
transmission line based inductors (λ /4 lines) is inherently a narrowband solution. Hence,
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for this design a pseudo-differential topology is used. For wideband operation, the capacitor-
coupled LC resonator based interstage matching technique is used. This technique is discussed
in details in section 2.2.1. The detail considerations of the different circuit design aspects are
presented in the following sections.

3.1.1 PA output stage design

The design of a PA starts with the optimization of the output stage, and the schematic of the
output stage of the 240 GHz PA is shown in Figure 3.2. The microstrip-line based tuning
inductor TL1, coupled microstrip-line CL1 and the capacitor Cout forms part of the output
matching network. The transistors Q1-Q4 are biased using current mirrors (not shown). The
total decoupling capacitances Cdecap (at the Vcc node) and Ccas (at the bases of Q3 and Q4)
are 5 pF and 100 fF respectively.
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Figure 3.2: Schematic of the output stage of the 240 GHz PA. The transistors Q1-Q4 have
an emitter area of 8×(0.96× 0.12) µm2. The microstrip-line based inductors TL1, coupled
microstrip-line CL1 and the capacitor Cout forms part of the output matching network.
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Figure 3.3: EM modeling of the parasitic via-inductance in HFSS, port1 is defined as a wave-
port and port2 is defined as a lumped-port. The ground plane is in the M3 metal layer.

3.1.1.1 EM-modeling considerations

The inductor TL1 can be implemented in the low-loss TM1 or TM2 metal layers of the BEOL.
The TM1 layer is preferable over the TM2 layer as the distance to the transistor interconnect
(M1 layer) is 4.97 µm while the distance is 9.77 µm for the TM2 layer. Smaller distance
to the ground plane results in a lower parasitic via-inductance. Based on the dc-routing and
other layout considerations, the M3 metal layer is used as the ground plane. The effect of the
via-inductance is EM simulated up to the M3 layer. The 3D model shown in Figure 3.3 is
used for full EM simulation in HFSS, port1 is defined as a wave-port and port2 is defined as a
lumped-port.

3.1.1.2 Maximum device size limitations

Although large devices are preferred for a higher Psat , the required tuning inductance at the
collector limits the maximum device size of the output stage. For this design, transistors
with an emitter area of 8×(0.96× 0.12) µm2 are used, and the required tuning inductance at
240 GHz is 28 pH as shown in Figure 3.4. Any further device scaling will require smaller
inductances, and the parasitic via-inductance can be a significant proportion of it. Based on
the maximum dc current requirement of 12.5 mA, the trace width for TL1 in Figure 3.2 is 2
µm. From EM simulation in HFSS, the characteristic impedance Zo for this line dimension
with the ground plane in the M3 metal layer is 58 Ω and attenuation is 2666 dB/m.
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Figure 3.4: Tuning inductance versus transistor size at 240 GHz for a single-ended cascode
stage. The emitter area of the transistor is N×(0.96× 0.12) µm2. The required tuning induc-
tance at 240 GHz is 28 pH for N=8.

3.1.1.3 Loadline considerations

For a single-ended cascode stage, Ropt from the loadline analysis is 208 Ω which is calculated
using the equation 2.1 in section 2.3. Here, VCC is 4 V, Vknee is 1.4 V and Idc is 12.5 mA. The
Ro for a single-stage cascode amplifier at resonance is 160 Ω for transistors with an emitter
area of 8×(0.96× 0.12) µm2 as shown in Figure 2.7 in section 2.3. Since Ro is less than Ropt ,
conjugate matching is optimum in this case based on the considerations in section 2.3.2.

3.1.1.4 PA output matching

For conjugate matching, the differential load impedance RL of 100 Ω must be transformed to
320 Ω (an impedance transformation ratio of 3.2). The transformer-based impedance trans-
formation networks, which are widely used at mmWave frequencies [135, 136, 147, 148],
can not be used anymore due to the lower SRF of transformers. The other alternative is the
microstrip-line based quarter-wave (λ /4) transformer. The disadvantages of this technique are
narrowband operation, higher loss and larger chip-area requirement (156 µm at 240 GHz).
To simplify the output matching network, a 1:1 impedance transformation ratio is used in this
case. In this case, the simulated Psat for the output stage is 10.2 dBm at 240 GHz which is
only 1.1 dB less as compared to an impedance transformation ratio of 1:3.2 as shown in Figure
3.5. For implementing the output matching, coupled microstrip-line CL1 in the topmost TM2
metal layer of the BEOL is used. The TM2 layer facilitates easier routing since the tuning



3.1 240 GHz wideband PA 39

50 100 150 200 250 300 350 400 450 500
RL (Ω)

8.0

8.5

9.0

9.5

10.0

10.5

11.0

11.5

P
sa
t
(d

B
m

)

Figure 3.5: Simulated Psat at 240 GHz for different RL. The optimum impedance at the
collector of the output stage is 320 Ω, and the corresponding Psat is 11.3 dBm. The Psat is
reduced only to 10.2 dBm for RL= 100 Ω.

inductors are implemented in the TM1 layer below. From EM simulations, a coupled line
with w=2.5 µm and s=4 µm corresponds to Zodd of 85 Ω and Zeven of 55 Ω. The attenua-
tion for the odd and the even modes are 2600 dB/m and 1420 dB/m respectively. For a line
length of 35 µm, an impedance transformation ratio close to 1:1 can be realized, and the net
transformed impedance has an imaginary part. Based on this consideration, the line length
for TL1 is 35 µm. Figure 3.6 shows the 3D model for the full EM simulation of the output
stage in HFSS. To reduce the computation time, the via arrays connecting the tuning inductor
TL1 to the transistor are approximated as solid metal. The output matching capacitor Cout and
the decoupling capacitor Ccas are also modeled to ensure that they operate well below their
respective SRF. The simulated small-signal gain is 6.5 dB at 240 GHz as shown in Figure 3.7.
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Figure 3.6: 3D model for full EM simulation of the output stage. The via arrays connecting
the inductor TL1 to the transistor are approximated as solid metals. The capacitors Cout and
Ccas shown in Figure 3.2 are also included in the simulation.
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Figure 3.7: Simulated small-signal gain for the full EM simulated model of the output stage
of the 240 GHz PA shown in Figure 3.6. The peak gain is 6.5 dB at 240 GHz.
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3.1.2 PA drive stages and wideband interstage matching

For multistage PA design, the device sizes are typically scaled from the input stage to the
output stage to cope up with the increasing input RF power at each stage [126, 149]. However,
in this design, the transistor sizes for all the stages have been kept identical to that of the
output stage. This gives the flexibility of cascading multiple stages (based on the overall gain
requirement) without significantly altering the matching networks. By cascading identical
stages, the probability of mutual frequency misalignment between the stages due to modeling
uncertainties is also reduced.

3.1.2.1 Capacitor-coupled LC resonator based interstage matching

Figure 3.8a shows the schematic of the interstage matching for stage3 consisting of the tran-
sistors Q1-Q4, and stage4 consisting of the transistors Q5-Q8. The interstage matching net-
works for all the stages are identical. Hence, the interstage matching between stage3 and
stage4 (output stage) is considered here. For wideband interstage matching, the technique of
capacitor-coupled LC resonators presented in section 2.2.1 is used. The step-by-step design
methodology is as follows.

1. Synthesis of resonator1 in Figure 3.8a: The shunt tuning inductor TL1 together with the
parasitic output capacitance of stage3 forms part of resonator1. As discussed in section
3.1.1, TL1 is implemented in the TM1 metal layer (M3 ground) with a line length of 35
µm and width of 2 µm.

2. Synthesis of resonator2 in Figure 3.8a: To synthesize the LC tank resonator at the input
of stage4, the required shunt tuning inductance is only 9 pH (18 pH differential) at 240
GHz. The accurate synthesis and modeling of such small inductances are challenging,
especially since the via-inductance can contribute significantly. To circumvent this lim-
itation, an alternative matching network consisting of the elements CL2, shunt capacitor
Csh1 of 10 fF and series capacitor Cs1 of 20 fF is used. The corresponding impedance
transformation is shown in Figure 3.8b from 200-300 GHz. The input impedance Zin1
of stage4 is transformed to Zin2 by the inductive action of CL2. The element CL2 is a
coupled microstrip-line implemented in the TM2 metal layer with w=2.5 µm and s=4
µm as discussed in 3.1.1. The capacitors Csh1 and Cs1 together with the feed-line CL1
transforms Zin1 to Zin3, and this synthesizes resonator2. The optimum length of CL2
is 35 µm taking into account the effect of the feed-line CL1 (length of 55 µm). The
coupled microstrip-line CL1 is added to ensure sufficient physical spacing in the layout
between the stages.
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3. Optimum coupling capacitor Cc: The series capacitor Cc introduces zeroes in the pass-
band, and this results in bandwidth enhancement. Figure 3.9 shows the simulated small-
signal gain along with the 3-dB bandwidth for different values of Cc. As Cc increases,
the bandwidth and gain-ripple increases. For Cc=35 fF and 45 fF, the respective 3-dB
bandwidths are 74 GHz and 86 GHz, and the corresponding gain ripples are 2 and 2.3
dB. The choice of an optimum Cc is also related to the measurement setup limitations.
The prescribed lowest frequency for the WR03 source module used for on-wafer mea-
surements is 220 GHz, but the minimum frequency can go only up to 200 GHz. For Cc

greater than 15 fF, the gain of the PA at 200 GHz is still 20 dB. Based on the consid-
erations of bandwidth, gain flatness, peak gain, group-delay variation and measurement
limitations, Cc=15 fF is chosen for this design. This corresponds to a simulated 3-dB
bandwidth of 40 GHz with no gain-ripple. The simulated peak differential S21 at 240
GHz is 25 dB. The simulated group-delay varies linearly only within 34-44 ps in the
220-260 GHz frequency range as shown in Figure 3.15.

The simulated common-mode gain is less than -15 dB from 225 GHz as shown in Figure 3.10.
This helps in improving the stability since any common-mode parasitic inductance at the base
node of the CB stage of the cascode topology can trigger oscillations if there is sufficient
common-mode gain. At 240 GHz, the simulated Psat is 8.7 dBm (including the losses due to
the tuned pads and balun), the input-referred 1-dB compression point (IP1dB) is -16.5 dBm
and the output-referred 1-dB compression point (OP1dB) is 3.7 dBm. This is discussed further
in section 3.1.3. At 240 GHz, the simulated input-referred third-order intercept point (IIP3) is
-6.5 dBm and the corresponding output-referred third-order intercept point (OIP3) is 15 dBm
as shown in Figure 3.11.
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Figure 3.9: Simulated small-signal gain variation of the 240 GHz PA for different Cc. The
bandwidth and gain-ripple increases with Cc. For Cc=15 fF, the simulated peak gain is 25 dB
and the 3-dB bandwidth is 40 GHz.
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Figure 3.10: Simulated small-signal common-mode gain of the 240 GHz PA. The attenuation
is higher than 15 dB above 225 GHz. This makes the design robust against parasitic common-
mode oscillations.
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Figure 3.12: Chip-micrograph of the 240 GHz PA. The total chip area including the auxiliary
Marchand-baluns and pads is 0.345 mm2.

3.1.3 240 GHz PA characterization results

The chip-micrograph of the 240 GHz PA is shown in Figure 3.12. The chip area including the
auxiliary baluns and pads is 0.345 mm2. To facilitate single-ended on-wafer characterization,
auxiliary Marchand-baluns have been added at the input and output. For on-wafer charac-
terization, WR03 ground-signal-ground (GSG) waveguide probes are used. In this band, the
probe and waveguide loss is estimated (using SOL calibration) to be 7.5 dB. By using breakout
structures for TRL calibration, the loss due to the pad and balun is estimated to be 2.5 dB at
240 GHz.
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3.1.3.1 240 GHz PA small-signal characterization

Figure 3.13 shows the hardware correlation for the small-signal s-parameter measurements.
The EM simulated models of the tuned pads and the auxiliary baluns are used in this simula-
tion. The HICUM/L2 [150] models for the HBTs are used in this simulation. At 230 GHz, the
measured peak small-signal gain is 26 dB, 3-dB RF bandwidth is 28 GHz and S11 ≤ -10 dB
as shown in Figure 3.13a. From 210-300 GHz, the measured reverse isolation S12 is less than
-25 dB as shown in Figure 3.13b. The simulation results underestimate the overall measured
small-signal gain by 4 dB. The average measured Edwards and Sinsky’s stability-factor at the
input µ and output µ

′
is 2 from 210-300 GHz as shown in Figure 3.14a and b. Hence, the

PA is unconditionally stable. The group-delay is an important metric to measure the phase
distortion of amplifiers and is given by the equation 3.1 [113, 142]. Here, φ is the phase of S21

in degrees.

group-delay =− 1
360◦

dΦ
d f

(3.1)

Figure 3.15 shows the hardware correlation between the simulated and measured group-delay
of the 240 GHz PA. From 220-260 GHz, the simulated group-delay varies only within 34-44
ps. The average measured group-delay matches closely with the simulation results from 230
GHz. The measured group-delay is noisy since the phase of S21 is very sensitive to noise in
the measurement setup. The precise on-wafer calibration above 200 GHz is challenging. At
225 GHz, there is an abrupt variation in the measured group-delay which is not expected from
simulations.
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Figure 3.13: Hardware correlation for the small-signal characterization of the 240 GHz PA. a)
At 230 GHz, the measured S21 is 26 dB and the 3-dB RF bandwidth is 28 GHz. From 215-255
GHz, the measured S11 ≤ -10 dB. b) From 210-300 GHz, the measured reverse isolation S12
is less than -25 dB.
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Figure 3.14: Hardware correlation for the Edwards and Sinsky’s stability factor µ and µ ′ of
the 240 GHz PA. Since a) µ >1 and b) µ ′ >1, the PA is unconditionally stable from 210-300
GHz.
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Figure 3.15: Hardware correlation for the group-delay variation of the 240 GHz PA. From
220-260 GHz, the simulated group-delay varies only within 34-44 ps. The average measured
group-delay matches closely with simulation results from 230 GHz.
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of the 240 GHz PA. An external WR03 wideband high power source capable of delivering up
to 6 mW at 240 GHz is used at the input.

3.1.3.2 240 GHz PA large-signal characterization

The measurement setup for the on-wafer large-signal bandwidth and linearity characterization
of the 240 GHz PA is shown in Figure 3.16. An external wideband high-power source operat-
ing in the WR03 waveguide band capable of delivering up to 6 mW at 240 GHz is used at the
input. The output power from the source is calibrated using an Erickson calorimeter. For lin-
earity measurements, the output power from the high-power source is varied using an external
dc-voltage (0-5 V). The variation in output power from the high-power source with the voltage
is not linear. For output power below -20 dBm, the change in output power with dc-voltage is
considerable, and it is sensitive to the noise in the dc-power supply. This introduces 2-2.5 dB
uncertainty in the measurements at low power levels.

The results from the hardware correlation for the large-signal characterization of the 240
GHz PA is shown in Figure 3.17a. The EM simulated models of the tuned pads and auxiliary
baluns are used in this simulation, and HICUM/L2 [150] models for the HBTs are used. At
240 GHz, the measured Psat is 7.5 dBm and the simulation overestimates the measurement
results by 1.2 dB. The measured gain at compression is 12.5 dB at 240 GHz. The measured
and simulated IP1dB is -16.5 dBm and OP1dB is 3.7 dBm. Hence, the estimated IIP3 is -6.5
dBm since IIP3 ~ IP1dB + 10 dB [149, 151]. This is close to the simulation results in Figure
3.11. Figure 3.17b shows the hardware correlation for the variation of Psat with frequency.
The measured Psat ≥ 6 dBm from 225-260 GHz. Figure 3.18 shows the hardware correlation
for the PAE of the 240 GHz PA. The measured peak PAE at 240 GHz is 1%, which is 0.5% less
than expected from simulations. Table 3.1 summarizes the key results from the small-signal
and large-signal characterization of the 240 GHz PA.



3.1 240 GHz wideband PA 51

−30 −25 −20 −15 −10 −5 0 5
Pin (GHz)

−6

−4

−2

0

2

4

6

8

10

P
ou

t
(d

B
m

)

Measured
Simulated

5

10

15

20

25

G
ai

n
(d

B
)

(a)

200 210 220 230 240 250 260 270
Frequency (GHz)

−6

−4

−2

0

2

4

6

8

10

P
sa
t
(d

B
m

)

Measured
Simulated

(b)

Figure 3.17: Hardware correlation for the large-signal characterization of the 240 GHz PA. a)
Linearity: The measured Psat is 7.5 dBm, IP1dB is -16.5 dBm and OP1dB is 3.7 dBm at 240
GHz. b) Psat versus frequency: From 225-260 GHz, the measured Psat ≥ 6 dBm.
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Figure 3.18: Hardware correlation for the PAE measurements of the 240 GHz PA. At 240
GHz, the peak PAE is 1% which is 0.5% less than simulation results.

Table 3.1: Summary of the simulation and measurement results of the 240 GHz PA

Small-signal Peak small-signal Psat OP1dB peak
BW gain PAE

(GHz) (dB) (dBm) (dBm) (%)
Simulated (differential) 40 25 10.2@240
Simulated (with balun) 35 22 8.7@240 3.7 1.5

Measured 28 26 7.5@240 3.7 1.0
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the core-PA is split using a 1:4 power-splitter (CL2-CL7). A 4:1 coupled microstrip-line based
ZDC (CL8-CL13) combines the output from the unit PAs (PA1-PA4).

3.2 200-225 GHz 4:1 combiner Power Amplifier

In this section, the design of a combiner-PA operating from 200-225 GHz is presented. As
motivated in section 2.4, a microstrip-line based ZDC for parallel power combination is used
in this design. Figure 3.19 shows the block diagram of the combiner-PA. The driver-PA which
is reported in [152] consists of four identical stages based on the pseudo-differential cascode
topology similar to the 240 GHz PA in section 3.1. For the driver-PA, transistors with an emit-
ter area of 0.22×5 µm2 are used. For gain enhancement, inductive gain peaking at the base of
the CB stage of the cascode amplifier is used. At 212 GHz, the measured S21 for the driver-
PA is 19.5 dB and the 3-dB bandwidth is 21 GHz. The succeeding core-PA is optimized for
high output power, and it consists of four cascaded pseudo-differential cascode stages. For the
core-PA, transistors with an emitter area of 0.22×10 µm2 are used. For this PA, the simulated
Psat at 215 GHz is 6 dBm (100 Ω differential load impedance). The measured peak S21 of the
core-PA is 8 dB at 215 GHz. A 1:4 power-splitter consisting of the coupled microstrip-lines
CL2-CL7 splits the output power from the core-PA. At the output, a 4:1 power-combiner con-
sisting of the coupled microstrip-lines CL8-CL13 combines the output power from PA1-PA4.
The amplifiers PA1-PA4 are identical to the core-PA. The coupled microstrip-lines are used
for the implementation of the combiner due to the ease of interfacing with differential PAs.
Moreover, the coupled microstrip-lines give an additional degree of freedom of selecting the
Zeven independent of Zodd . By selecting a lower Zeven and using an appropriate line dimen-
sion, the transformed common-mode load impedance at the outputs of the PA can be made
significantly smaller. This results in little or no common mode gain and makes the system
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Figure 3.20: Impedance transformation at the 4:1 power-combiner input taking into account
the loading effect of the unit PAs. a) The differential input impedance is Zd . b) The common-
mode input impedance is Zc. Here, ZPAd and ZPAc are the respective large-signal differential
and common-mode output impedances of the unit PAs.

robust against parasitic oscillations in common mode. This is particularly important as the
parasitic inductance at the base of the CB stage can result in instability, if there is sufficient
common-mode gain. At the input and output, auxiliary Marchand-baluns have been added for
single-ended on-wafer measurements.

3.2.1 Coupled microstrip-line based ZDC for 4:1 power combination

For the coupled microstrip-line based ZDC shown in Figure 3.19, the design variables are the
line impedances Zodd and Zeven, and line lengths lc1 and lc2. At each of the combiner inputs,
the effective differential input impedance Zd and common-mode impedance Zc include the
effect of the transformed load impedance ZL. This also includes the loading effect of the
other PAs as shown in Figure 3.20. At each of the combiner inputs, Zd can be expressed
by the equation 3.7, which follows from equations 3.2 to 3.6 [142]. Here, Zodd1, Zodd2 are
the odd-mode characteristic impedances of the coupled line sections with lengths lc1 and lc2

respectively, ZPAd is the large-signal differential mode output impedance of PA1-PA4, Z1-Z5
are the respective impedances looking into the planes A-A

′
to E-E

′
in Figure 3.20, ZLd is 100

Ω, α is the line attenuation per unit length, and β is the propagation constant. The Zc at the
combiner inputs can be calculated similarly by replacing Zodd with Zeven, ZPAd with ZPAc
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(common mode large-signal output impedance of PA1-PA4) and ZLd (100 Ω) with ZLc (50
Ω) in these equations.

Z1 = Zodd1
ZPAd + jZodd1 tan[(α + jβ )lc1]

Zodd1 + jZPAd tan[(α + jβ )lc1]
(3.2)

Z2 = Zodd2
(Z1/2)+ jZodd2 tan[(α + jβ )lc2]

Zodd2 + j(Z1/2) tan[(α + jβ )lc2]
(3.3)

Z3 =
Z2×ZLd

Z2+ZLd
(3.4)

Z4 = Zodd2
Z3+ jZodd2 tan[(α + jβ )lc2]

Zodd2 + jZ3tan[(α + jβ )lc2]
(3.5)

Z5 =
Z4×Z1
Z4+Z1

(3.6)

Zd = Zodd1
Z5+ jZodd1 tan[(α + jβ )lc1]

Zodd1 + jZ5tan[(α + jβ )lc1]
(3.7)

The impedance Zd from the equation 3.7 has multiple solutions. It is very time consuming to
solve this equation analytically. A complex frequency dependent ZPAd makes it even more
complicated. A computationally intensive brute-force method of goal minimization provides
little insight. Also, it is a time-consuming approach as multiple iterations with EM simulations
are required to verify the results. Hence, boundary conditions need to be imposed to minimize
the solution search space. The typical boundary conditions are the maximum and minimum
synthesizable Zodd and Zeven, and minimum line lengths due to the pitch of the unit PAs.

The design goal is wideband power combination with the minimum possible line dimen-
sions. The line dimensions of the power-combiner should be chosen so that it presents a
differential impedance of 100 Ω and a very low common-mode impedance at the output of
the unit PAs. In the first iteration, scalable models for the coupled microstrip lines are used,
and the line parameters are extracted from full EM simulation. In the final step, a full EM
simulation of the 4:1 power-combiner is used to accurately model all the parasitic effects.
The step-by-step design methodology for the 4:1 power-combiner is summarized in the next
section.



3.2 200-225 GHz 4:1 combiner Power Amplifier 56

3.2.1.1 Optimization of the ZDC for efficient power combination

1. Synthesis of the optimum line impedances: To simplify the design process, the line
impedances of the different sections of the combiner are assumed to be identical (Zodd

for the odd-mode and Zeven for the even-mode). In general, a high Zodd result in smaller
line lengths. For coupled microstrip-lines, a high Zodd can be synthesized by increas-
ing the trace-separation s. However, the maximum Zodd saturates beyond a certain s.
For this design, the coupled microstrip-lines were implemented in the low-loss topmost
metal layer M6 of the BEOL. Figure 3.21 shows the variation in Zodd with s for widths
of 2.4 µm and 4.8 µm. As s increases from 2.4 µm (minimum for this process tech-
nology) to 12 µm, Zodd increases from 67 to 120 Ω for w=2.4 µm, and it varies from
59-100 Ω for w=4.8 µm. A higher Zodd can be realized for a given s for narrower lines
(due to lesser fringe capacitance), and is hence preferable. Another goal is to mini-
mize Zeven, which can be achieved by reducing the distance of the trace to the ground
plane. For this design, the ground plane is implemented in the M3 metal layer of the
BEOL based on dc routing and other layout constraints. This corresponds to a distance
of 4.63 µm from the ground plane. For w=2.4 µm, the maximum Zodd of 120 Ω cor-
responds to s of 12 µm, which is almost 2.6 times the distance of the trace in the M6
metal layer from the ground plane in the M3 metal layer. Also, the increase in Zodd

for s greater than 7 µm is very gradual. Hence, for this design s=7 µm is chosen. For
w=2.4 µm, the simulated Zodd is 105 Ω and Zeven is 38 Ω. The simulated attenuation
for the odd-mode is 1300 dB/m, and for the even-mode it is 1100 dB/m.

2. Optimum line lengths: The insertion loss can be minimized by keeping the line lengths
smaller, and also it results in a wideband performance. If the line length is such that
β l ≤ π/6 then tan(β l)≈ β l, and the change of the impedance with frequency is gradual.
However, the pitch between the unit PAs (PA1-PA4 in Figure 3.19) in the layout limit the
minimum lc2 and lc1 to 50 µm and 25 µm respectively. Figure 3.22 shows the simulated
Zd of the power-combiner from 200-240 GHz for three different line dimensions. For
lc1=100 µm and lc2=200 µm, Zd is closer to the required 100 Ω only over a narrow
frequency range due to the larger line dimensions. For lc1=lc2=70 µm, the real part of
Zd is closer to 100 Ω over a relatively much wider bandwidth, and it has a significant
reactive part. For lc1=35 µm and lc2=65 µm, Zd varies from 54+j×63 Ω to 83.5+j×35
Ω from 200-240 GHz. By using lc1=35 µm and lc2=65 µm, Psat from the unit PAs at
215 GHz decreases from 6 dBm (100 Ω differential load impedance) to only 4.8 dBm
(decrease of 1.2 dB). Also, this line dimension also results in the least Zc as shown in
Figure 3.23. Hence, the optimum line dimensions are lc1=35 µm and lc2=65 µm.
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For the 1:4 power-splitter, the optimum line dimensions are ls1 = 180 µm and ls2 = 50 µm
(to transform the input 100 Ω differential impedance of PA1-PA4 to 100 Ω at the input of the
power-splitter). Figure 3.24 shows the full-EM simulation model for the 1:4 power-splitter
and 4:1 power-combiner. At the input and output, wave-ports are defined (not shown here) for
accurate EM simulation. In the simulation, the underpass in the M5 metal layer for routing and
connecting the different combiner segments along with the via connections are also included.
From 200-240 GHz, the simulated excess loss of the power-splitter is in the 1.8-1.9 dB range,
and for the 4:1 power-combiner it is in the 0.8-1.1 dB range as shown in Figure 3.27. From
200-240 GHz, the simulated common-mode gain is less than -30 dB. The simulated Psat for
the combiner-PA varies from 9.8 to 10.8 dBm from 200-225 GHz as shown in Figure 3.28,
and is discussed further in section 3.2.2.
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Figure 3.24: 3D-model for full EM simulation of a) 1:4 power-splitter, and b) 4:1 power-
combiner in HFSS. At the input and output, wave-ports are defined (not shown here) for higher
accuracy.
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3.2.2 Measurement results for the 200-225 GHz combiner-PA

The chip-micrographs for the 200-225 GHz breakout-PA and combiner-PA are shown in Fig-
ure 3.25a and b respectively. The chip area of the 200-225 GHz breakout-PA, which consists
of the driver-PA and core-PA, is 0.67 mm2. This breakout circuit is used to measure the Psat of
the core-PA. The chip area of the combiner-PA is 1.44 mm2, and it consists of the driver-PA,
core-PA, 1:4 power-splitter, four PA cells in parallel and 4:1 power-combiner. To facilitate
single-ended on-wafer measurements, auxiliary Marchand-baluns have been added at the in-
put and output. For on-wafer characterization, WR03 GSG waveguide probes are used as
discussed in section 3.1. To estimate the insertion loss due to the power-combiner and power-
splitter separately, additional breakout structures were implemented as shown in Figure 3.26.
Figure 3.27 shows the hardware correlation for the insertion loss of the splitter and combiner.
For EM simulations, the 3D-model shown in Figure 3.24 is used. The measured insertion loss
is in the 1-2 dB range from 200-240 GHz.
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Figure 3.26: Chip-micrograph of the additional breakout structures for estimating the insertion
loss of the 1:4 power-splitter and 4:1 power-combiner. a) Back-to-back Marchand-baluns. b)
Back-to-back 4:1 power-combiner with Marchand-baluns. c) Back-to-back 1:4 power-splitter
with Marchand-baluns.

For large-signal characterization of the 200-225 GHz combiner-PA, the measurement setup
shown in Figure 3.16 is used. The hardware correlation for the large-signal bandwidth char-
acterization of the 200-225 GHz combiner-PA and the breakout-PA is shown in Figure 3.28.
At 215 GHz, the peak Psat for the combiner-PA is 9.6 dBm and the 3-dB large-signal band-
width is 34 GHz (200-234 GHz). From 200-225 GHz, the combiner-PA enhances the overall
output power from the unit PA cells by 3.5-4.5 dB. In simulations, EM simulated models of
the balun and tuned pads are included, and HICUM/L2 [150] model for the HBTs are used.
The hardware correlation for the linearity characterization of the combiner-PA at 215 GHz is
shown in Figure 3.29. The measured IP1dB for the combiner-PA is -19 dBm and OP1dB is 5.5
dBm. At 215 GHz, the peak measured PAE is 0.5%. The hardware correlation for the small-
signal bandwidth characterization of the combiner-PA is shown in Figure 3.30. At 213 GHz,
the peak gain is 25 dB and small-signal 3-dB bandwidth is 20 GHz. The simulation results
overestimate the overall measured S21 by 4 dB. The measured S11 ≤ -10 dB and S12 ≤ -30 dB
from 200-240 GHz as shown in Figure 3.31.
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Figure 3.29: Hardware correlation for the linearity characterization of the 200-225 GHz
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Figure 3.31: From 200-240 GHz, the measured S11 ≤ -10 dB and S12 ≤ -30 dB for the 200-
225 GHz combiner-PA.

Table 3.2 summarizes and compares the results of PAs presented in this thesis with PAs
and amplifiers above 200 GHz reported in the literature. The PAs reported in this thesis have
the highest Psat (with and without power combination), gain, and the best FoM among all the
silicon PAs reported in the literature above 200 GHz. The results of the PAs reported in this
thesis are conservative numbers, and have not been corrected for the balun and pad losses of
2-2.5 dB each at the input and output. These results are comparable to III-V technologies,
which have the advantage of much higher fmax in comparison to silicon technologies. The fre-
quency of operation in [153, 154] is less than fmax/3 while in this thesis work the frequency of
operation is close to fmax/2, and yet the results are comparable. This work strongly affirms the
position of silicon technologies (which have the advantage of much higher integration density)
as a viable low-cost alternative to III-V technologies towards sub-mmWave frequencies.
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Table 3.2: PAs/amplifiers above 200 GHz reported in the literature

Ref Tech fT/ fmax Freq Max 3-dB Psat OP 1dB peak FoM1

gain BW2 PAE
(GHz) (dB) (GHz) (dBm) (dBm) (%)

Section 130-nm SiGe 350/550 219-247 26 28 7.5∗ 4 1 1289
3.1 BiCMOS

Section 130-nm SiGe 250/370 200-225 25 20 9.6+ 5.5 0.5 666
3.2 BiCMOS

[155] 130-nm SiGe 200/450 200 17 44 - -3.5 - -
[152] 130-nm SiGe 250/360 212 19.5 21 - - - -

300/450 233 22.5 10 - - - -
[156] 130-nm SiGe 300/500 245 18 8 - - -

BiCMOS
[157] 130-nm SiGe 350/550 275 10 7 - -10 - -

BiCMOS
[158] 65-nm 200/350 200 8.1 - -10 - 0.09 2.32

CMOS
[6] 32-nm SOI 250/320 210 15 - 4.6 2.7 6 241

CMOS
[159] 28-nm FDSOI -/420 325 4.5 - - - - -

CMOS
[30] 65-nm 200/350 265 9.2 12.2 -3.9 - 1.35 3.21

CMOS
Comparison with III-V technology

[153] InP-HEMT 500/1200 334-344 15 10 10 - - -
[154] InP- HEMT - 240-270 16.5 30 7.8 - 4 728
[160] mHEMT -/750 220-320 13.5 100 - - - -

[161, 162] InP-HEMT 400/800 205-225 18 20 18.73 - 4 8250
[25] InP-HEMT 610/1500 1000 9 90 - - - -

[163] InAlAs/InGaAs 515/>1000 610 20.3 59 - - - -
mHEMT

1 Calculated from ITRS FoM [129] ∗Measured at the output pad at 240 GHz.
+4:1 coupled microstrip-line based power-combiners. Measured at the output pad at 215 GHz.
2 small-signal bandwidth.38:1 power combination.
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3.3 240 GHz wideband LO signal source

In this section, the design of a wideband frequency multiplier-based LO signal source at 240
GHz is presented. It is used to drive the mixers in the 240 GHz quadrature Tx and Rx chipset
presented in Chapter 4. This source can also be used as a tunable standalone high-power
source. Figure 3.32 shows the top-level block diagram of this source. It consists of an ac-
tive balun at the input followed by four cascaded frequency doubler stages (D1-D4), and a
three-stage PA. The PA used here is identical to the one presented in section 3.1 except for
three stages in total instead of four. The individual frequency doubler stages are based on the
Gilbert-cell topology for in-phase multiplication as motivated in section 2.1.3. For the up-
conversion mixer, the optimum LO power is greater than 5 dBm at 240 GHz as discussed later
in section 3.4.1. Hence, the design goal is an overall output power of at least 5 dBm over a
3-dB RF bandwidth of at least 40 GHz. Another important design goal is to reduce the exter-
nal LO drive power requirements at the input of the 240 GHz LO signal source. This reduces
the parasitic harmonic generation from the first frequency doubler stage and relaxes the output
power requirement from the external frequency synthesizer. The ×16 frequency multiplier
core is optimized to generate enough power (-5 dBm and higher) to saturate the succeeding
240 GHz PA without any intermediate drive amplifiers (between the doubler stages). This also
reduces the overall dc-power consumption. The active balun used in this design is based on
a standard differential circuit topology with one of its inputs ac-shorted for single-ended to
differential conversion [164], and a detail discussion of this circuit is skipped in this section.

3.3.1 Impact of the LO spurious harmonics on the system performance

The spectral purity of the LO signal source is important. At the system level, the implication
of the spurious harmonics can be explained by considering a scenario where a multi-tone LO
is used at the Tx and Rx side. On mixing with the spurious harmonics from the LO chain,
the up-converted signal is sT X(t) = m(t)× [a1 cos(15ωLOt)+cos(16ωLOt)+a2 cos(17ωLOt)].
Here, m(t) is the input IF signal and cosωLOt is the external input signal to the ×16 fre-
quency multiplier-based LO signal source. For simplicity, only the 15th and 17th harmonics
are considered here, and a1, a2 are the normalized amplitudes relative to the desired 16th har-
monic. Assuming coherent detection at the Rx and neglecting the high-frequency components
at 30×ωLO, 31×ωLO and 32×ωLO, the down-converted IF signal sIF(t) is given by the equa-
tion 3.8. The effect of the spurious LO harmonics (15th and 17th in this case) results in the IF
signal m(t) also getting modulated around ωLO and 2×ωLO. This is not desirable and limits
the maximum bandwidth of m(t) as shown in Figure 3.33. This puts an upper limit on the
maximum data-rate for communication systems. In the case of FMCW RADAR, a multi-tone
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Figure 3.32: Top-level block diagram of the 240 GHz frequency multiplier-based LO signal
source [7, 88]. It consists of an active balun, followed by four cascaded frequency doubler
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LO results in multiple IF frequencies which create ambiguity in the range estimation.

sIF(t) = m(t)(1+
a2

1 +a2
2

2
)+m(t)(a1 +

a2

2
)(cosωLOt)+m(t)a1a2 cos2ωLOt (3.8)

If the amplitudes of a1, a2 are small and order of magnitudes lower than the desired 16th

harmonic, then the power from the spurious harmonics is not sufficient to pump the mixers in
the Tx and Rx. This makes their impact at the output negligible.

3.3.2 Circuit design considerations for wideband LO

Figure 3.34 shows the circuit schematic of the unit frequency doubler stage. The transistors
Q1-Q4 are part of the switching quad, and the transistors Q5-Q6 are part of the transconduc-
tance stage. The tuning inductances TLc and TLb are implemented as shielded microstrip-lines
[114] in the TM2 metal layer with lengths lc and lb respectively. The electric field in the case
of shielded lines is confined within the ground shield, which reduces the unwanted parasitic
coupling between the different part of the circuits. The capacitor Cin ac-couples the input
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Figure 3.34: Schematic of the unit frequency doubler stage. The inductances TLb and TLc
are implemented as shielded microstrip-lines in the TM2 metal layer with lengths lb and lc
respectively. The capacitor Cin ac-couples the input signal to the switching quad and the
transconductance stage. The doublers D1 and D2 are biased using the resistors Rb instead of
TLb to save chip area [7, 88].

signal to the switching quad for in-phase multiplication. For the low-frequency doublers D1
and D2, TLb is replaced with Rb for dc biasing to save chip area. The important design con-
siderations are optimum device size, interstage drive power requirements, wideband operation
and spurious harmonic suppression. These aspects are addressed in details in the following
sections.

3.3.2.1 Optimum device size

In general, higher output power (Pout) requires larger devices. The size of the tuning induc-
tance TLc limits the maximum device size as shown in Figure 3.4. Since the collectors of Q1,
Q3 and Q2, Q4 are connected, the maximum device size for this design is limited to transistors
with an emitter area of 4× (0.96×0.12) µm2.

3.3.2.2 Interstage drive power requirements

In this design, the quadrupler consisting of the frequency doublers D1 and D2 is optimized
for high conversion gain to make it operate from low input LO power. Besides the reduced
harmonic generation from the first doubler stage, a low LO input power minimizes the LO
leakage by reducing the inherent asymmetry associated with the Gilbert-cell based frequency
doublers [102]. Figure 3.35 shows the simulated large-signal characteristics for D1+D2, D3,
and D4 for an overall output frequency of 240 GHz. For linear operation, the input power
(Pin) should be from the point of maximum conversion gain up to IP1dB. Based on this con-
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Figure 3.35: Simulated large-signal characteristics for the doublers D1+D2, D3 and D4 for
an overall output frequency of 240 GHz. For an output power of -2.8 dBm at 240 GHz, the
corresponding LO power at the input of D1 is -10 dBm.

sideration, 0 < Pin < 7 dBm for D4, -2 < Pin < 3 dBm for D3, and -15 < Pin < -10 dBm at the
input of D1+D2. For a Pout of -2.8 dBm at 240 GHz from D4, the required Pin at 120 GHz
is 0 dBm. For a Pout of 0 dBm at 120 GHz from D3, the required Pin at 60 GHz is -2 dBm.
This corresponds to an input LO power of -10 dBm at 15 GHz at the input of D1. Hence, the
overall conversion gain is 7.2 dB (without the three-stage PA succeeding the ×16 frequency
multiplier core).

3.3.2.3 Wideband operation

For this design, the individual doubler stages of the ×16 frequency multiplier are frequency
staggered for wideband operation. The motivation of this technique in comparison to other
bandwidth enhancement techniques have been presented in section 2.2.2. The doublers D2
and D4 are tuned lower in frequency, and the doublers D1 and D3 are tuned higher. As
shown in Figure 3.36a, the peak CG at the outputs of D1, D2, D3 and D4 are at 35 GHz, 55
GHz, 130 GHz and 230 GHz respectively, and the corresponding output powers are shown
in Figure 3.36b. For this simulation, the external input power to the LO chain is -10 dBm,
and the simulation results are only from the active balun and the ×16 frequency multiplier
core without the three-stage 240 GHz PA. The stagger frequency tuning between the stages
resulted in an overall 3-dB bandwidth of 50 GHz (210-260 GHz) with a peak Pout of -2.8
dBm at 240 GHz. Figure 3.37 shows the interstage matching networks. The inputs of D3 and
D4 are matched to 100 Ω (differential) at the input for the ease of breakout characterization



3.3 240 GHz wideband LO signal source 70

200 220 240 260 280 300
−25

−20

−15

−10

−5

0

5

10

C
G

(d
B

)

D1
D2
D3
D4
Overall

32.5 37.527.5

60 65 70 75

30 35

D2

130 140 150120
D3

Output frequency (GHz)

D1

D4

110

55

100

50

25

(a)

200 220 240 260 280 300
−35

−30

−25

−20

−15

−10

−5

0

5

P
ou

t
(d

B
m

)

D1
D2
D3
D4

32.5 37.527.5

60 65 70 75

30 35

130 140 150110 120
D3

Output frequency (GHz)

D1

D2

D4

55

25

50

100

(b)
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Figure 3.37: Interstage matching network of the 240 GHz LO signal source. The inputs of
D3 and D4 are matched to a differential 100 Ω impedance. The doubler D4 is connected to a
three-stage 240 GHz PA with 50 Ω lines, and is not shown here.

and interfacing with other circuit components. The input of the 240 GHz three-stage PA is
connected to the output of D4 using 50 Ω lines, and are not shown here. The components TL2,
C2 and TL1, C1 transform the input impedance of D3 and D2 based on the conversion gain
considerations for the quadrupler D1+D2. Based on the chip area considerations, the input of
the doubler D1 is not matched. The mismatch at the input of D1 can be easily compensated
by increasing the power from the external source.

3.3.2.4 Spurious harmonics

For an external LO input signal at 15 GHz with 0 dBm power, the output of the active balun has
a significant 3rd harmonic component in comparison to an input signal with -10 dBm power.
Figure 3.38 shows the simulated time domain waveform at the output of the active balun and
the doubler D1 for these LO power levels. The consequence of an input signal with a strong
3rd harmonic component results in mixing products at the spurious 18th harmonic as shown in
Figure 3.39. This problem is particularly aggravated as the input of D1 is not matched (due to
chip area considerations), and the 3rd harmonic component cannot be selectively rejected over
the fundamental signal.
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Figure 3.39: The 3rd harmonic component in the input signal (15 GHz) of D1 results in a
spurious 18th harmonic at the overall output. The 90 GHz mixing product at the output of D1
is too high for D2, and is hence rejected.
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Figure 3.40: Simulated Pout at the different harmonics for an input LO power of -10 dBm. At
15 GHz, Pout at the 16th harmonic is 7.3 dBm. The relative attenuation of the 14th, 15th and
17th harmonic is at least 25 dB. The effect of the 18th harmonic only starts at input frequency
less than 13.25 GHz, and hence can be ignored.

The simulated output power of the overall LO signal source (active balun + ×16 frequency
multiplier + three-stage PA) at the different harmonics versus input frequency for an input LO
power of -10 dBm is shown in Figure 3.40. The simulated peak Pout is 7.3 dBm at 240 GHz
(corresponding to the input frequency of 15 GHz), and the 3-dB bandwidth at the output is
50 GHz (215-265 GHz). The spurious 14th, 15th and the 17th harmonics are sufficiently sup-
pressed (more than 25 dB), and this results in the total output power (Ptotal) closely following
the desired 16th harmonic signal. The effect of the 18th harmonic signal starts dominating only
at input frequencies less than 13.25 GHz, and hence can be ignored. The effect of increasing
the LO input power to 0 dBm results in strong 18th harmonic generation (as expected) below
14.25 GHz, and this results in Ptotal remaining constant as shown in Figure 3.41. Hence, the
optimum input LO drive power is -10 dBm.
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Figure 3.41: Simulated Pout at the different harmonics for an input LO power of 0 dBm. The
effect of the spurious 18th harmonic increases significantly below 14.25 GHz, and this results
in Ptotal remaining constant. This substantially limits the usable input frequency range. Hence,
the optimum input LO power is -10 dBm.

DC bias pads

1.74 mm

In
p

u
t

0
.7

 m
m

O
u

tp
u

t

x16 PA

Active
balun

M
a

rc
h

a
n

d
b

a
lu

n

Figure 3.42: Chip-micrograph for the breakout of the 240 GHz LO signal source. The total
chip area including the pads is 1.218 mm2. For single-ended on-wafer measurements, an
auxiliary Marchand-balun has been added at the output [88].
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coupled to the chip using a GSG probe (DC-40 GHz) with a 2.9 mm K-connector. The output
signal is measured using a WR03 GSG waveguide probe using an Erickson calorimeter and
harmonic mixer.

3.3.3 240 GHz LO signal source characterization results

Figure 3.42 shows the chip-micrograph for the breakout of the standalone 240 GHz LO signal
source. An auxiliary Marchand-balun has been added at the output to enable single-ended on-
wafer measurements. The total chip area including the pads is 1.218 mm2. The measurement
setup for the large-signal bandwidth characterization of the LO signal source is shown in Fig-
ure 3.43. A GSG probe (DC-40 GHz) with a 2.9 mm K-connector provides the low-frequency
input signal (less than 20 GHz) to the chip using an external synthesizer. The output signal
is measured using a WR03 GSG waveguide probe with an average insertion loss of 7.5 dB
in the 220-325 GHz range. The output power has been measured using absolute power and
harmonic measurement techniques.

3.3.3.1 Absolute power measurements

An Erickson calorimeter, equipped with a WR03 waveguide taper, is used for absolute power
measurements. Figure 3.44 shows the output power from the standalone LO signal source.
The peak output power is 6.4 dBm at 230 GHz, and the 3-dB RF bandwidth at the output is
50 GHz (215-265 GHz). The strong spurious harmonic generation at an LO input power of
0 dBm results in Pout remaining almost constant for input frequency in the 12.5-13.75 GHz
range. This is expected from the discussions and the simulations presented in the preceding
section. Table 3.3 summarizes the simulation and measurement results.
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Figure 3.44: Absolute power measurement of the 240 GHz LO signal source. For an input
LO power of -10 dBm, the peak output power is 6.4 dBm at 230 GHz, and the 3-dB RF
bandwidth is 50 GHz (215-265 GHz). For an input LO power of 0 dBm, the output power
remains constant below 13.75 GHz.

Table 3.3: Simulation and measurement results of the 240 GHz LO signal source

Parameters Simulated Measured
Peak Pout (dBm) 7.3 @ 240 GHz 6.4 @ 230 GHz

3-dB RF bandwidth (GHz) 50 50
DC power (W) 0.74 0.74
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3.3.3.2 Harmonic measurements
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Figure 3.45: Measured Pout at the different harmonics at the output of the 240 GHz LO signal
source for an input power of -10 dBm. The output power at the 16th harmonic (220-270 GHz)
is close to absolute power measurements for input frequencies in the 13.75-16.875 GHz range.

The power at the different harmonics is measured by down-converting the output signal using
a WR03 harmonic (×18) mixer. The mixer has been calibrated before using a power meter
and a 220–325 GHz source module. The LO of the mixer is set at an offset of 33 MHz from the
harmonic of interest. The down-converted IF signal at 33 MHz is measured using a spectrum
analyzer. The Pout at the desired harmonic can then be estimated using the known conversion
gain (prior calibration) of the harmonic mixer. Figure 3.45 shows the measured output power
at the different harmonics for an LO input power of -10 dBm. For an input LO frequency in
the 13.75-16.875 GHz range, the output power at the 16th harmonic (220-270 GHz) is close to
the absolute power measurements using the Erickson calorimeter. This is because the power
in the other spurious harmonics is significantly lower. In this frequency span, the attenuation
of the 15th and the 18th harmonics relative to the 16th harmonic is at least 20 dB. At an input
frequency of 13.75 GHz, the relative attenuation of the 17th harmonic is 15 dB, and it is at
least 20 dB beyond that frequency. For the 14th harmonic, the relative attenuation is more
than 20 dB up to an input frequency of 16.25 GHz. At an input frequency of 16.875 GHz, the
relative attenuation of the 14th harmonic decreases to 10 dB. Figure 3.46 shows the measured
Pout at the different harmonics for an input LO power of 0 dBm. The 17th and 18th harmonic
becomes significantly higher (compared to the case when LO input power is -10 dBm) at input
frequencies below 13.75 GHz, and hence the output power remains constant. This is consistent
with the simulations and absolute power measurements.
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Figure 3.46: Measured Pout at the different harmonics at the output of the 240 GHz LO signal
source for an input power of 0 dBm. The output power at the 16th harmonic (220-270 GHz) is
close to absolute power measurements in the 13.75-16.875 GHz input frequency range. The
17th and 18th harmonic dominates below 13.75 GHz, and hence Ptotal remains constant.
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Figure 3.47: The 2nd and 3rd harmonic component of the input signal at D1 and LO leakage
from D3 results in spurious tones at 14th, 17th and 18th harmonic of the input signal.

From simulations, only the spurious 18th harmonic is expected to dominate at the lower
end of the input frequency span. However, in the harmonic measurements, the effect of the
17th harmonic is also seen. Additionally, the effect of the 14th harmonic is also seen at input
frequency greater than 17.5 GHz. A possible reason can be due to the presence of the 2nd

harmonic at the active balun output in addition to the 3rd harmonic. This along with LO
leakage from D3 results in spurious mixing products at the 14th, 17th and 18th harmonic as
shown in Figure 3.47.

Figure 3.48 shows the results from the phase-noise measurement of the 240 GHz LO signal
source. An external 15 GHz signal with a phase-noise of -135 dBc/Hz (1 MHz offset) is used
for this measurement. At the output, the measured phase-noise at 240 GHz (1 MHz offset)
is -110 dBc/Hz, which is a degradation of 25 dB. This is close to the theoretically expected
degradation of 24.08 dB calculated using the expression 20×log(16).
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Figure 3.48: Measured phase-noise of the 240 GHz LO signal source. An external 15 GHz
signal (-10 dBm) with a phase-noise of -135 dBc/Hz (1 MHz offset) is used. The measured
phase-noise at 240 GHz is -110 dBc/Hz, which is a degradation of 25 dB.

Table 3.4 compares the results from this work with others reported in the literature. To
demonstrate the feasibility of silicon technologies for sub-mmWave frequencies, sources op-
erating at frequencies much higher than the targeted 200-325 GHz (in this thesis) range are
also reported in this table. The results are classified based on the oscillator and frequency
multiplier-based circuit topologies, and a comparison to III-V technologies is also presented.
The 240 GHz LO signal source presented in this work reports the highest output power, band-
width and DC-RF efficiency for frequency multiplier-based sources in the 200-325 GHz range
in silicon technologies. The results reported here are conservative numbers, and are not cor-
rected for the balun and pad losses of 2-2.5 dB at the output. If corrected for the balun and
pad losses, the output power is comparable to the implementations in III-V technologies in
[165]. The frequency of operation for the circuits reported in [166, 167] is fmax/3 while in this
work the frequency of operation is close to fmax/2, and yet the output power is comparable and
bandwidth is higher.
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Table 3.4: Signal sources above 200 GHz reported in the literature

Tech Freq/BW
(GHz/%)

peak Pout
(dBm)

Circuit/ overall mult factor DC-RF
(%)

Ref

Frequency multiplier-based
130-nm SiGe 240/21 6.41 cascaded x2+PA/ x16 0.61 Section 3.3
130-nm SiGe 320/13 -4.9 x3+PA+x2/x18 0.017 [16]
130-nm SiGe 322.5/3.4 -3 x3+PA+x2/x18 0.033 [90]

318/6.2 -1 3 stage PA+x2 /x2 0.19
227.5/11 -3 3 stage PA+x2 /x2 0.12

130-nm SiGe 250/12 0 cascaded x2+PA/x16 0.143 [88]
65-nm CMOS 288/5.3 0 Tripler+PA/27 0.36 [168]
45-nm CMOS 420/10 -10 PA+quadrupler/x4 0.014 [169]
250-nm SiGe 825/1.8 -29 x3+PA+x5/x45 2.7e-4 [29]

Oscillator-based
130-nm SiGe 240/9.1 2 VCO+ PA+x2 0.53 [170]
65-nm CMOS 260/9.5 0.4 Harmonic osc/2 0.14 [171]
65-nm CMOS 293/5.74 -2.74 VCO/x3 2.8 [172]
45-nm CMOS 280/3.2 -7.1 Distributed active radiator - [173]
65-nm CMOS 288/0.7 -4.1 Triple-push 1.4 [76]
65-nm CMOS 256 4.15 Harmonic osc/2 1.14 [174]
130-nm SiGe 530/3.2 0 Triple-push 0.4 [21]
65-nm CMOS 482/0 -7.9 Triple-push - [86]
130-nm SiGe 232/11.6 -3.6 Fund osc 0.81 [4]

320/6.6 -13.3 Push-push osc 0.07
300/7.7 -1.7 VCO+x2 0.4

130-nm SiGe 246/4 2 Fund VCO 0.43 [75]
130-nm SiGe 323.8 -6.3 push-push 0.7 [175]

Comparison to III-V technologies
25-nm InP 400/9.4 7.8 x3+PA+x3/x9 - [166]
25-nm InP 340/10.8 8 x3+x3+x2/x18 1.4 [167]
InP-HBV 271/5 8.1 x3 - [165]
InP-BiCMOS 250/2 -1.6 VCO + Tripler - [176]
InP-HBT 286 -3.9 Fund VCO - [177]
InP-HBT 307/5.9 4.8 Fund VCO 3.4 [178]
InP-HBT 573 -19.2 Fund VCO 0.01 [179]
1 Measured at the output pad.
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3.4 Mixers for 240 GHz quadrature Tx and Rx chipset

In this section, the circuit design considerations for the mixers of the 240 GHz quadrature
direct-conversion Tx and Rx chipset (Chapter 4) are presented. The mixers are based on the
double-balanced Gilbert-cell topology due to the advantages like inherent differential opera-
tion, LO rejection, and high conversion gain [149]. The primary design considerations are
wideband RF and IF operation, sufficient output power (up-conversion mixer), and low NF
(down-conversion mixer). For quadrature LO generation, an on-chip wideband differential
90◦ coupler reported in [14] is used. For this coupler, the simulated isolation is less than -23
dB, the input return loss is less than -26 dB, and the amplitude and phase imbalances are less
than 1.6 dB and 3◦ respectively from 160-340 GHz. The excess loss of the coupler at 240
GHz is 0.75 dB. The IF inputs of the mixers provide a differential input impedance of 100 Ω
for wideband matching. The mixers are not individually characterized as breakout structures
due to the challenge of providing high LO power from external sources above 200 GHz. In
this section, only the simulation results are presented. The overall Tx and Rx characterization
results are presented in Chapter 4. An IF frequency of 25 MHz is used for the Tx, and an IF
frequency of 33 MHz is used for the Rx due to the measurement setup limitations.

3.4.1 240 GHz quadrature up-conversion mixer

The circuit schematic for the 240 GHz quadrature up-conversion mixer is shown in Fig-
ure 3.49. The switching quads of the I-mixer and Q-mixer consists of the transistors Q1-
Q4 and Q7-Q10 respectively. The transistors Q5-Q6 and Q11-Q12 form part of the respec-
tive transconductance stages of the I-mixer and Q-mixer. The switching quads are driven by
quadrature LO signals from the wideband on-chip 90◦ coupler [14]. The collector currents
from the two quadrature mixers are combined at the output. The transistors Q15-Q16 for the
I-mixer, and Q17-Q18 for the Q-mixer form part of the common-collector buffer amplifiers at
the IF inputs. The buffer amplifiers have a shunt 50 Ω resistance at the input for wideband
matching. The total degeneration resistance at the emitter of the buffer amplifiers is 434 Ω (re-
sistive divider 127+307 Ω). The buffer outputs are dc-coupled to the transconductance stage of
the mixers using a resistive divider. The resistive divider is used for dc-biasing of the transcon-
ductance stage, and it also helps in stability since direct capacitive loading (due to the input
impedance of the transconductance stage) of the emitter node of the buffer can trigger parasitic
oscillations. In terms of device size, minimum size devices with an emitter area of 1×(0.96×
0.12) µm2 are used at the switching quads to keep the LO drive power requirements to the
lowest possible [180]. Hence, for the transconductance stage transistors with an emitter area
of 2×(0.96× 0.12) µm2 are used. For the buffer amplifiers, transistors with an emitter area
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Figure 3.49: Schematic of the 240 GHz quadrature up-conversion mixer. The transistors Q1-
Q4 (I-mixer) and Q7-Q10 (Q-mixer) are part of the switching quads, and Q5-Q6 (I-mixer)
and Q11-Q12 (Q-mixer) are part of the transconductance stage. At the IF inputs, common-
collector based buffer amplifiers with shunt 50 Ω resistances are used for wideband matching.

of 4×(0.96×0.12) µm2 are used for linearity reasons. A microstrip-line based tuning inductor
TLc with a length of 74 µm is used at the collector output. The Zo of TLc is 60 Ω and the
attenuation is 3000 dB/m. At the base of the switching quads, microstrip-line based tuning in-
ductor TLb with a length of 63 µm is used to tune out the parasitic capacitance which enables
stronger switching. The Zo of TLb is 70 Ω and the attenuation is 3000 dB/m. The ground plane
for the microstrip-line is implemented in the M3 metal layer.

At an LO frequency of 240 GHz and drive power of 5 dBm at the input of the 90◦ coupler,
the peak CG is 0.7 dB, Psat is -5 dBm and OP1dB is -8 dBm as shown in Figure 3.50. For this
simulation, a 25 MHz IF signal (-5 dBm) is applied into one of the IF channels (I or Q). The
simulated 3-dB IF bandwidth (with -5 dBm input IF power) is 38 GHz as shown in Figure
3.51, and the 3-dB RF bandwidth is 50 GHz (215-265 GHz) as shown in Figure 3.52. For RF
bandwidth characterization, a 25 MHz IF signal (-5 dBm) is used for this simulation. For the
up-conversion mixer, the optimum LO power at the input of the 90◦ coupler is 5 dBm at 240
GHz as shown in Figure 3.53.
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Figure 3.50: Simulation results from the linearity characterization of the 240 GHz up-
conversion mixer. The peak CG is 0.7 dB, Psat is -5 dBm and OP1dB is -8 dBm. A 25 MHz IF
signal (-5 dBm) is used for this simulation.
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Figure 3.51: Simulation results for the IF bandwidth characterization of the 240 GHz up-
conversion mixer. The 3-dB IF bandwidth is 38 GHz.



3.4 Mixers for 240 GHz quadrature Tx and Rx chipset 84

200 220 240 260 280 300
Frequency (GHz)

−50

−45

−40

−35

−30

−25

−20

−15

−10

−5

P
sa
t
(d

B
m

)

Figure 3.52: Simulation results for the RF bandwidth characterization of the 240 GHz up-
conversion mixer. The 3-dB large-signal RF bandwidth is 50 GHz.
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Figure 3.53: Simulation results for the variation of Pout with LO power for the 240 GHz up-
conversion mixer. For stronger switching, an LO power of 5 dBm and higher is required at the
input of the 90◦ coupler.
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Figure 3.54: Schematic of the 240 GHz quadrature down-conversion mixer. The transconduc-
tance stage (Q9-Q10) injects the RF current into the switching quads of the I-mixer (Q1-Q4)
and Q-mixer (Q5-Q8). The optimum load impedance is 200 Ω.

3.4.2 240 GHz quadrature down-conversion mixer

The circuit schematic of the 240 GHz quadrature down-conversion mixer is shown in Figure
3.54. The RF current from the transconductance stage, consisting of the transistors Q9-Q10,
is injected into the switching quads which consists of the transistors Q1-Q4 for the I-mixer,
and Q5-Q8 for the Q-mixer. The switching quads are driven by quadrature LO signals using
an on-chip wideband 90◦ coupler. The outputs of the mixers are connected to the common-
collector buffer amplifiers consisting of the transistors Q11-Q12 for the I-mixer, and Q13-Q14
for the Q-mixer. The buffers have an emitter degeneration resistance of 500 Ω. For wideband
IF matching, a 50 Ω series resistance is connected at the IF outputs. The transistor sizes for the
mixer core and buffer are identical to the 240 GHz up-conversion mixer presented in section
3.4.1. This is based on the LO drive power and linearity considerations. The choice of the load
resistance is a trade-off between the peak CG and IF bandwidth due to the RC time constant of
the collector output [180]. For this design, a load impedance of 200 Ω is chosen. This results
in a 3-dB IF bandwidth of 35 GHz, and the peak CG is -0.5 dB as shown in Figure 3.56. For
this simulation, the LO frequency is 240 GHz (33 MHz IF) and the drive power at the input of
the 90◦ coupler is 5 dBm. The simulated 3-dB RF bandwidth (33 MHz IF) for the 240 GHz
down-conversion mixer is 52 GHz as shown in Figure 3.55. The minimum NF is 14.2 dB at
240 GHz. The simulated minimum required LO power is -2.5 dBm at the input of the 90◦

coupler at an LO frequency of 240 GHz (33 MHz IF) as shown in Figure 3.57. At 240 GHz
LO frequency, the simulated IP1dB is -2.5 dBm as shown in Figure 3.58.
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Figure 3.55: Simulation results for the RF bandwidth characterization of the 240 GHz down-
conversion mixer. The 3-dB RF bandwidth is 52 GHz. At 240 GHz, CG is -0.5 dB and NF is
14.2 dB.
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Figure 3.56: Simulation results for the IF bandwidth characterization of the 240 GHz down-
conversion mixer. For Rc=200 Ω, the peak CG is -0.5 dB and the 3-dB IF bandwidth is 35
GHz. An IF frequency of 33 MHz is used for this simulation.
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Figure 3.57: Simulation results for the variation of CG and NF of the 240 GHz down-
conversion mixer at different LO drive power levels. At an LO frequency of 240 GHz, the
optimum LO drive power is greater than -2.5 dBm.
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Figure 3.58: Simulation results for IP1dB of the 240 GHz down-conversion mixer. At 240
GHz, IP1dB is -2.5 dBm. For this simulation, a LO drive power of 5 dBm is used.
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Table 3.5: Summary of the simulation results for the 240 GHz mixers

RF BW IF BW CG Psat OP1dB IP1dB Optimum NF
(GHz) (GHz) (dB) (dBm) (dBm) (dBm) LO power (dB)

(dBm)
Up-conversion 50 38 0.7 -5 -8 -8 ≥ 5 -

mixer
Down-conversion 52 35 -0.5 - - -2.5 ≥ -2.5 14.2

mixer
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3.5 Conclusion

The detailed circuit design and characterization results for the wideband circuit building-
blocks for a 240 GHz quadrature Tx and Rx chipset were presented in this chapter. In terms of
output power, bandwidth and FoM at the individual component level, the results presented here
are beyond the current state-of-the-art in silicon technologies. The results presented here are
comparable to III-V technologies which have the advantage of much higher fmax. A 240 GHz
4-stage PA with a peak gain of 26 dB, a 3-dB bandwidth of 28 GHz and Psat of 7.5 dBm was
presented. A combiner-PA was demonstrated for the first time in silicon technologies above
200 GHz, and 4:1 power combination resulted in an overall Psat of 9.6 dBm at 215 GHz.
A ×16 frequency multiplier-based wideband 240 GHz LO signal source with a peak output
power of 6.4 dBm, and a 3-dB RF bandwidth of 50 GHz was demonstrated. This LO signal
source can be used as a standalone source, and can also be used for driving sub-harmonic re-
ceivers operating at 480 GHz over a 100 GHz bandwidth. The design of up-conversion mixers
and down-conversion mixers for the 240 GHz Tx and Rx chipset were also presented. The
simulated RF bandwidth of the up-conversion mixer is 50 GHz, and the IF bandwidth is 38
GHz. The simulated RF bandwidth of the down-conversion mixer is 52 GHz, and the IF band-
width is 35 GHz. For the up-conversion mixer, Psat at 240 GHz is -5 dBm and the peak CG is
0.7 dB. For the down-conversion mixer, peak CG is -0.5 dB and NF is 14.2 dB at 240 GHz.

By leveraging on the superior performance of these circuit building-blocks, a wideband
fully-integrated 240 GHz quadrature Tx and Rx chipset is presented in Chapter 4. A high
data-rate communication system with record data-rates is demonstrated using this chipset.



Chapter 4

240 GHz fully-integrated quadrature Tx
and Rx chipset

In this chapter, the implementation of a wideband 240 GHz fully-integrated quadrature Tx and
Rx chipset with on-chip antennas is presented. The circuit building blocks presented in Chap-
ter 3 are used for the implementation of this chipset. The chipset is integrated into a low-cost
chip-on-board (COB) packaging based on the low-loss Rogers 4350B printed-circuit-board
(PCB) material for an overall compact form-factor. For wideband IF operation, microstrip-
line based stepped-impedance low-pass filter is implemented on the PCB. This chipset is used
to demonstrate a high data-rate communication system over a wireless link of 70 cm. For
QPSK and BPSK modulation schemes, the maximum measured data-rates using this chipset
are 24 Gbps and 25 Gbps respectively.

This chapter is divided into four sections. In section 4.1, a brief discussion on the Tx
and Rx architecture is presented. The high-speed PCB design and the packaging aspects are
presented in section 4.2. In section 4.3, the on-wafer and free-space characterization results
for the 240 GHz quadrature Tx and Rx chipset are presented. A discussion on the link-budget,
and other system level considerations for the 240 GHz high data-rate communication system
along with the measurement results are presented in section 4.4.

4.1 240 GHz quadrature Tx and Rx architecture

The 240 GHz fully-integrated Tx and Rx chipset presented in this thesis is based on the direct-
conversion topology. In this topology, the RF signal is directly up-converted from or down-
converted to the baseband. This results in an overall compact form-factor and low dc-power
consumption due to the smaller number of RF front-end components. This is in contrast to the
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heterodyne architecture where the RF signal is converted to intermediate IF frequencies before
up-converting from or down-converting to the baseband frequency. Furthermore, heterodyne
systems have the problem of image frequencies which is not present in the case of direct-
conversion systems. The vulnerability of the direct-conversion topology to LO leakage (dc-
offset due to self-mixing) and quadrature imbalances can be compensated using analog and
digital calibration techniques. Additionally, the sensitivity of the direct-conversion topology
to even-order non-linearities can be mitigated to a large extent by using differential topologies
[164, 181].
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Figure 4.1: Block-diagram of the 240 GHz fully-integrated direct-conversion quadrature Tx
and Rx chipset with wideband on-chip antennas. The IF inputs of the Tx and Rx are terminated
with on-chip 50 Ω resistances for wideband IF matching [11].

Figure 4.1 shows the block-diagram of the 240 GHz quadrature Tx and Rx chipset. For
simplicity, analog and digital calibration techniques are not included in this implementa-
tion. The on-chip quadrature LO generation network, which consists of a 240 GHz wideband
LO signal source and an on-chip wideband 90◦ coupler [14], drives the mixers in the Tx and
Rx. At the Tx side, an up-conversion mixer drives a four-stage 240 GHz PA. A three-stage
version of the Tx PA is used as the pre-amplifier in the Rx to drive the down-conversion mixer.
This reduces the probability of center-frequency misalignment between the Tx and Rx, and it
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also ensures wideband operation. The circuit design considerations and characterization re-
sults for the 240 GHz wideband LO signal source, four-stage 240 GHz PA and the mixers are
presented in Chapter 3.

In this chipset, the linearly polarized on-chip antenna used in the Tx and Rx is topologi-
cally similar to the differential wire-ring implementation presented in [7, 182, 183]. It consists
of two wire semi-rings connected along the center feed. The feed is non-uniformly tapered us-
ing a step-wise approximation for wideband operation. The antenna is designed to illuminate
a silicon hyper-hemispherical lens from the chip backside. The backside radiation through
the silicon substrate results in wideband operation. This is in contrast to the front-side radi-
ation where the distance to the ground plane limits the bandwidth like in the case of patch
antennas. The lens also reduces the influence of surface waves on the radiation efficiency and
radiation patterns, and inherently delivers a high gain in a compact form-factor to compen-
sate for the high FSPL. The ability to mount external silicon lens gives the flexibility to have
application specific directivities depending on the lens diameter and extension. The backside
radiation also results in the form-factor reduction by a factor of

√
11 in comparison to

√
4

for front-side radiation, and is hence preferable. The on-chip antenna used in this chipset pro-
vides a differential impedance of 100 Ω from 180-330 GHz. The simulated cross-polarization
is below 20 dB, and the parasitic common-mode radiation is minimized by providing a low
impedance (4-5 Ω) for the common mode. Moreover, the antenna is optimized for the min-
imization of mode-conversion (differential to the common mode), and the simulated mode
conversion is below 40 dB.

4.2 High-speed PCB design and packaging

The 240 GHz Tx and Rx chips are integrated into a low-loss COB packaging. The important
parameters for high-speed PCB design are low dispersion and low dielectric loss. For this
implementation, the ROGERS 4350B material from Rogers Corporation is used as it is well
suited for high-frequency applications. From the data-sheets, the specified εr and tanδ for
this material are 3.66 and 0.0037 respectively from DC-20 GHz. The choice of an optimum
thickness for the PCB material is a trade-off between mechanical stability and required line
width.
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If the PCB material is too thick, then the width of the low impedance lines become very
high. The fan out of the PCB trace from the PCB bondpad becomes challenging to route
for wider lines, especially for feeding the differential IF inputs where symmetry is required.
Based on these considerations, a PCB thickness of 0.338 mm is found to be optimum. A 50
Ω microstrip-line for this PCB thickness corresponds to a line-width of 0.714 mm. Ideally,
striplines are preferred for IF signal routing due to their low-dispersive behavior (TEM mode)
in contrast to microstrip-lines (quasi-TEM mode) [142]. However, striplines require multi-
layer PCB routing which increases the overall cost and complexity. The IF interface of the chip
is connected to the PCB bondpad through wire bonding (manual). The wire-bond inductance
limits the IF bandwidth, and hence a phase linear wideband filter must be implemented on the
PCB. In terms of phase linearity, Bessel filter topology is the best while Chebyshev topology
is the worst. Based on the consideration of feasible filter component values, maximally flat
or Butterworth filter topology is chosen for this design. This topology has a flat amplitude
response in the passband, and phase linearity is between Chebyshev and Bessel filters [142].

The PCB design goals are a 3-dB bandwidth of 15 GHz, S11 less than 10 dB up to the
3-dB bandwidth and stop-band attenuation of more than 20 dB at 20 GHz. Based on this
specification, an 8th order filter is required. A lumped low-pass LC filter is synthesized in the
first design iteration as shown in Figure 4.2. The design methodology presented in [113, 142]
for a 50 Ω load termination is used for this filter synthesis, and Richards transformation can be
used to transform the lumped LC filter into a microstrip-line based filter. The simulated 3-dB
bandwidth for the ideal lumped LC filter is 15 GHz as shown in Figure 4.3, and it does not
include the effect of wire-bond inductance. A wire-bond inductance of 1 nH (corresponding
to a wire-bond length of 1 mm) reduces the bandwidth to 12 GHz with significant ringing
at the passband edges (more than 3-dB gain ripple), and this results in phase non-linearity.
Additionally, for PCB routing a feed-line of 0.2 mm width and 1 mm length is required after
the wire-bond. The feed-line contributes more inductance, and hence the filter needs further
optimization.

83 fF

0.207 nH1.041 nH 0.882 nH

235 fF353 fF 416 fF

0.59 nHInput Output

Figure 4.2: Schematic of the 8th order low-pass LC filter from the 1st design iteration. The
filter is synthesized using the design methodology presented in [113, 142].
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Figure 4.3: Simulated 3-dB bandwidth of the ideal lumped LC low-pass filter is 15 GHz
without the wire-bond inductance. A wire-bond inductance of 1 nH reduces the bandwidth
and introduces a gain ripple of 3-dB at the passband edges.

Figure 4.4 shows the overall microstrip-line based stepped impedance low-pass filter after
an iterative design procedure, and taking into account the wire-bond inductance and feed-
line as elements of the filter. For this filter implementation, the simulated 3-dB bandwidth
varies insignificantly from 16 to 14 GHz as the wire-bond inductance is increased from 0.6
nH to 1.8 nH as shown in Figure 4.5. Also, there is no ringing in the passband. Hence, the
filter implementation is robust against variation in the wire-bond inductance due to manual
bonding.
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Figure 4.4: Microstrip-line based stepped impedance low-pass filter from the final design
iteration in the Rogers 4350B PCB material. For this optimization, wire-bond inductance and
feed-lines are included as elements of the filter.
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Figure 4.5: Simulated 3-dB bandwidth of the stepped impedance low-pass filter shown in
Figure 4.4. The 3-dB bandwidth decreases from 16 to 14 GHz as the wire-bond inductance
increases from 0.6 nH to 1.8 nH, and ringing in the passband is eliminated.
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To accurately model all the parasitic effects, the 3D model shown in Figure 4.6 is used for
EM simulation of the PCB filter. A wave-port is defined at the IF inputs of the filter, and a
lumped-port is defined at the chip bondpad. To accurately model the ground return current,
ground pads with wire-bond connections are included in this simulation. Figure 4.7 shows the
simulation results from the full-EM simulation of the PCB filter. The S21 (insertion loss) in
the passband is -0.5 dB, 3-dB bandwidth is 15 GHz and S11 is less than -10 dB up to 14 GHz.
The group-delay variation is less than 10% up to 9 GHz.

Chip
PCB gorundIF filter

IF filter Waveport

Waveport

Figure 4.6: 3D model for EM simulation of the PCB filter (including the effect of wire-bond
connections) using HFSS. The chip and PCB ground pads are included to accurately model
the ground return current.
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Figure 4.7: Simulation results from the full-EM simulation of the PCB filter. The S21 in the
passband is -0.5 dB, 3-dB bandwidth is 15 GHz and S11 is less than -10 dB up to 14 GHz. The
group-delay variation is less than 10% up to 9 GHz.
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Figure 4.8: Lens-mounted 240 GHz packaged-Tx. The chip is glued to an external silicon lens
with a diameter of 9 mm and wire bonded onto a low-cost PCB material (ROGERS 4350B).
The 240 GHz packaged-Rx looks similar and is not shown here.

Figure 4.8 shows the 240 GHz packaged-Tx. The assembly involves chip-alignment to the
lens center, and a low-shrinkage UV epoxy is used for gluing the chip to the lens. The lens ex-
tension is chosen to be close to the elliptical position with an extension to radius ratio of 34.4%
(chip thickness included). This ratio helps in reducing the excessive reflection losses at the
air-silicon interface, especially since no anti-reflection coating is used [7, 21, 184, 185]. The
chip-lens sub-assembly is attached to the PCB. The PCB surface surrounding the chip at the
lens side is metalized to minimize back radiation. A copper thermal-sink is also mounted, and
itis connected to the lens with a thermally conductive glue.
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Figure 4.9: Chip-micrograph of the 240 GHz fully-integrated quadrature Tx and Rx with on-
chip antennas. The chip area including the pads is a) 1.535 mm2 for the Rx, and b) 1.627 mm2

for the Tx.

In this section, the results from the on-wafer and free-space characterization of the 240
GHz quadrature Tx and Rx chipset are presented. Figure 4.9 shows the chip-micrograph of
the Tx and Rx with wideband on-chip antennas. The chip area for the Rx is 1.535 mm2, and
for the Tx it is 1.627 mm2. The Tx and Rx breakout circuits for on-wafer characterization have
a balun at the output instead of on-chip antennas, and are not shown here.

4.3.1 On-wafer RF characterization of the 240 GHz Tx and Rx chipset

Figure 4.10 and Figure 4.11 shows the measurement setup for the on-wafer characterization of
the 240 GHz Tx and Rx respectively. The Tx is characterized at an IF frequency of 25 MHz,
and an IF frequency of 33 MHz is chosen for the Rx due to measurement setup limitations. A
WR03 GSG waveguide probe is used to measure the Tx output, and similarly it is also used
for applying the external RF signal to the Rx input. A GSG probe (DC-40 GHz) with a 2.9
mm K-connector is used to couple the external low-frequency LO signal to the chip. The
output power of the Tx is measured using an Erickson calorimeter. For the Rx, an external
WR03 VNA extension module in the transmit mode is used as a RF source. The output power
from this module is known from a prior calibration using an Erickson calorimeter. The down-
converted IF signal from the Rx is measured using a spectrum analyzer.
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The external 90◦ and 180◦ hybrids are used for differential IF signal generation for single-
sideband modulation at the Tx side, and they are used for combining the quadrature IF signals
at the Rx side. For the Tx linearity characterization, the input power at the IF inputs is swept
for a fixed LO carrier frequency of 240 GHz. For the Rx linearity characterization, a WR03
high-power source is used at the input, and output power from this source is varied using an
external dc-voltage. This setup is identical to the setup shown in Figure 3.16.
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Figure 4.10: Measurement setup for the on-wafer characterization of the 240 GHz Tx. A GSG
probe (DC-40 GHz) with a 2.9 mm K-connector is used to couple the external LO signal to
the chip. A WR03 GSG probe is used at the Tx output.
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Figure 4.11: Measurement setup for the on-wafer characterization of the Rx. A GSG probe
(DC-40 GHz) with a 2.9 mm K-connector is used to couple the external LO signal to the chip.
A WR03 GSG probe is used at the Rx input.
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Figure 4.12a shows the on-wafer hardware correlation for the large-signal bandwidth char-
acterization of the 240 GHz Tx. The measured Psat at 240 GHz is 6 dBm, and the 3-dB
large-signal bandwidth is 40 GHz (223-263 GHz). The input IF power is -5 dBm for this
measurement. At 240 GHz, the measured IP1dB is -11 dBm and OP1dB is 3 dBm as shown in
Figure 4.12b.

Figure 4.13a shows the on-wafer hardware correlation for the small-signal bandwidth char-
acterization of the 240 GHz Rx. The peak CG is 13.5 dB at 228 GHz, and the corresponding
single-sideband (SSB) NF is 15 dB. From 230-240 GHz, a 2.5 dB notch is seen in the pass-
band which is not expected from simulations. The average peak gain is 11 dB from 220-240
GHz, and hence the 3-dB RF bandwidth is 28 GHz (218-246 GHz). The SSB NF is calculated
from the measured conversion gain, and the output noise floor is determined based on the di-
rect method described in [7, 180]. At 240 GHz, the measured IP1dB of the Rx is -17 dBm as
shown in Figure 4.13b. In the simulations, EM simulated models of the balun and tuned pads
are included, and HICUM/L2 [150] model for the HBTs are used.
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Figure 4.12: Hardware correlation for the on-wafer large-signal bandwidth and linearity char-
acterization of the 240 GHz Tx. a) The measured Psat at 240 GHz is 6 dBm, and the 3-dB
large-signal bandwidth is 40 GHz (223-263 GHz). b) At 240 GHz, the measured IP1dB is -11
dBm and OP1dB is 3 dBm.
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Figure 4.13: Hardware correlation for the on-wafer bandwidth and linearity characterization
of the 240 GHz Rx. a) The peak CG is 13.5 dB at 228 GHz, and the minimum SSB NF is 15
dB. From 220-240 GHz, the average peak gain is 11 dB, and hence the 3-dB RF bandwidth
is 28 GHz (218-246 GHz). b) Linearity characterization: At 240 GHz, the measured IP1dB is
-17 dBm.
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4.3.2 Free-space RF characterization of the 240 GHz Tx and Rx chipset
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Figure 4.14: Measurement setup for the free-space RF characterization of the 240 GHz Tx
and Rx over a 30 cm wireless link. a) Tx: A pre-calibrated WR03 VNA extension module
with an external horn-antenna with WR3.4 waveguide interface is used as the Rx. b) Rx:
A pre-calibrated WR03 VNA extension module with an external horn-antenna with WR3.4
waveguide interface is used as the Tx.

In this section, the results from the free-space RF characterization of the 240 GHz packaged-
Tx and 240 GHz packaged-Rx are presented. For these measurements, the range is 30 cm
which is twice the far-field distance [186] of 12.9 cm at 240 GHz. Figure 4.14a shows the
measurement setup for the 240 GHz packaged-Tx. A WR03 VNA extension module in the
receive mode is used as the Rx to measure the down-converted signal using a spectrum an-
alyzer. The accurate conversion gain of this module is known from prior calibration. This
module is mounted with an external corrugated horn-antenna with WR3.4 waveguide inter-
face. The external 90◦ and 180◦ hybrids are used for single-sideband modulation from an
external IF signal at 25 MHz (-5 dBm). From the received power PRX , the transmitted power
PT X can be estimated using the Friis transmission equation given by the equation 4.1. Here
R is the distance, DT X is the directivity of the Tx antenna and Ar is the aperture of the Rx
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antenna [186] given by Ar =
λ 2

4πDRX
.

PT X =
PRX × (4πR2)

DT X ×Ar
(4.1)

The measured DT X is 26.4 dBi at 240 GHz as shown in Figure 4.17. From the data-sheet,
directivity of the Rx antenna DRX is 20 dBi at 270 GHz. Hence, the directivities at other
frequencies can be extrapolated using the equation 4.2.

D f2 = D f1 × (
f2

f1
)2 (4.2)

Figure 4.14b shows the measurement setup for the 240 GHz packaged-Rx. The WR03
VNA extension module with an external horn-antenna is used as Tx in this case. The output
power of this module is measured before using an Erickson calorimeter. For this measurement,
an IF frequency of 33 MHz is chosen due to measurement setup limitations. For the Rx, the
IF outputs are combined using external 90◦ and 180◦ hybrids. For calculating PRX using the
equation 4.1, Ar is assumed to be πD2

4 where D is the lens diameter. This is based on the
assumption that the Tx illuminates the entire circular cross-section of the lens antenna [19].
From PRX , CG can be calculated and SSB NF can be accurately estimated [7, 180] as discussed
in section 4.3.1.

Figure 4.15a shows the results from the large-signal RF bandwidth characterization of the
240 GHz packaged-Tx in free-space. At 238 GHz, the peak radiated power (Prad) is 8.5 dBm,
EIRP is 34.8 dBm, and the 3-dB RF bandwidth is 38 GHz (214-252 GHz). Figure 4.15b shows
the results from the free-space characterization of the 240 GHz packaged-Rx. The peak CG
is 17.8 dB at 223 GHz, and the minimum SSB NF is 13.5 dB. From 230-240 GHz, a 2.5 dB
notch is seen in the passband. The average peak gain is 15 dB from 220-240 GHz, and hence
the 3-dB RF bandwidth is 28 GHz (214-242 GHz).
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Figure 4.15: Free-space RF characterization of the 240 GHz packaged-Tx and Rx. a) Tx: The
peak Prad is 8.5 dBm, and EIRP is 34.8 dBm at 238 GHz. The 3-dB bandwidth is 38 GHz
(214-252 GHz). b) Rx: The peak CG is 17.8 dB at 223 GHz, and the minimum SSB NF is 13.5
dB. The average peak gain is 15 dB from 220-240 GHz, and hence the 3-dB RF bandwidth is
28 GHz (214-242 GHz).
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4.3.2.1 Antenna radiation pattern measurement
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Figure 4.16: Setup for the measurement of the antenna radiation pattern of the 240 GHz
packaged-Tx. A 2-D rotational stage controlled by a stepper motor is used for precise align-
ment. An external WR03 VNA extension module is used as Rx.
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Figure 4.17: Measured directivity of the on-chip antenna of the 240 GHz packaged-Tx and
Rx. The FWHP is ±4◦ in the E-plane and ±4.5◦ in the H-plane, and this yields an estimated
directivity of 26.4 dBi at 240 GHz.

The radiation pattern of the 240 GHz packaged-Tx and Rx antenna is measured using a
2D-rotational stage, which is controlled by a stepper-motor for precision alignment as shown
in Figure 4.16. For the 240 GHz packaged-Tx, a WR03 VNA extension module (in the receive
mode) is used. The down-converted IF signal is measured using a spectrum analyzer (similar
to the free-space packaged-Tx characterization). An IF frequency of 25 MHz is used for the
characterization of the Tx. The distance between the Tx and Rx is 30 cm. For the 240 GHz
packaged-Rx, a WR03 VNA extension module in the transmit mode is used as the source. An
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IF frequency of 33 MHz is used for this measurement (similar to the free-space packaged-Rx
characterization). The E-plane and H-plane cuts obtained over 30◦ rotation for the on-chip
antenna pattern is shown in Figure 4.17. The full-width half-power (FWHP) is ±4◦ in the
E-plane and ±4.5◦ in the H-plane, and this yields an estimated directivity of 26.4 dBi at 240
GHz.

4.3.3 IF bandwidth characterization of the 240 GHz chipset

For IF bandwidth characterization, the 240 GHz packaged-Tx and Rx are placed back-to-back
at a distance of 90 cm as shown in Figure 4.18. The IF inputs are connected to a VNA using
external 90◦ and 180◦ hybrids for single-sideband modulation. An external synthesizer feeds
the external 15 GHz LO signal to the 240 GHz packaged-Tx and Rx, where it is multiplied on-
chip by a factor of 16, for a carrier frequency of 240 GHz. The measured 6-dB IF bandwidth
is 13 GHz as shown in Figure 4.19.
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Figure 4.18: Measurement setup for the IF bandwidth characterization of the 240 GHz
packaged-Tx and Rx chipset. The Tx and Rx are placed back-to-back over a 90 cm distance.
The IF inputs are connected to a VNA using external 90◦ and 180◦ hybrids for single-sideband
modulation.
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Figure 4.19: Measurement results from the IF bandwidth characterization at a carrier fre-
quency of 240 GHz. This measurement is performed over a wireless link of 90 cm, and the
6-dB IF bandwidth is 13 GHz.

4.3.4 Conclusion

Table 4.1 summarizes the results from the on-wafer and free-space characterization of the
240 GHz quadrature Tx and Rx chipset. From the free-space measurement of the 240 GHz
packaged-Tx, the measured output power is higher in the case of free-space measurements
in comparison to the on-wafer measurements. For the Rx, CG is higher and NF is lower
for free-space measurements in comparison to on-wafer measurements. This discrepancy is
due to the lower losses in the antenna as compared to the on-chip balun. Also, the loading
effect due to the balun and the on-chip antenna is different. The simulated differential input
impedance of the antenna is close to 100 Ω from 200-300 GHz [7]. Figure 4.20 shows the
simulated differential input impedance for a 50 Ω load termination at the single ended output
of the Marchand-balun (used for on-wafer measurements). From 200-300 GHz, the input
impedance is complex and the real part varies from 75-80 Ω. This difference in loading due to
the balun and on-chip antenna contributes further to the discrepancy between the on-chip and
free-space measurement results.
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Figure 4.20: Simulated differential input impedance for a 50 Ω load termination at the single-
ended output of the Marchand-balun. From 200-300 GHz, the input impedance is complex
and the real part varies from 75-80 Ω.

Table 4.1: Summary of the on-wafer and free-space characterization of the 240 GHz Tx and
Rx chipset

Tx On-chip Free-space
Psat /Prad (dBm) 6@240 GHz 8.5@238 GHz

EIRP (dBm) - 34.8
3-dB BW (GHz) 223-263 (40 GHz) 214-252 (38 GHz)

OP1dB (dBm) 3@240 GHz -
PDC (W) 1.28 1.28

Antenna directivity (dBi) - 26.4@240 GHz
Rx On-chip Free-space

peak CG (dB) 13.5@228 GHz 17.5@223 GHz
3-dB RF bandwidth (GHz) 218-246 GHz (28)1 214-242 GHz (28)2

minimum SSB NF (dB) 15 13.5
IP1dB (dBm) -17@240 GHz -

DC power consumption (W) 1.105 1.105
Antenna directivity (dBi) - 26.4@240 GHz

On-chip Free-space
IF-bandwidth (GHz) - 13+

(measured at the RF carrier
frequency of 240 GHz)

1 Average peak gain of 11 dB from 220-240 GHz
2 Average peak gain of 15 dB from 220-240 GHz
+ 6 dB back-to-back IF bandwidth
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4.4 240 GHz ultra-high data-rate wireless communication

The RF and IF bandwidth characterization results from the fully-integrated wideband 240
GHz quadrature Tx and Rx chipset were presented in the previous sections. In this section,
the results from a high data-rate communication system at 240 GHz is presented.

4.4.1 Link-budget and modulation scheme

The modulation schemes with higher spectral efficiency allow a larger number of bits to be
transmitted for a given RF bandwidth. However, the linearity requirements on the RF front-
end for complex and efficient modulation schemes are stringent. Hence, the Tx needs to be
operated in the backed-off mode. The back-off levels depend on the modulation scheme and
the required EVM [187]. The back-off operation results in the reduction of the maximum
range particularly when the peak output power is limited (typically the case at sub-mmWave
frequencies). In contrast, simple modulation schemes like OOK, BPSK and other constant en-
velope schemes allow the Tx to be operated in saturation. Hence, the choice of an appropriate
modulation scheme is a trade-off between the maximum data-rate and range.

The minimum detectable signal in dBm (MDSdBm) at the Rx can be calculated using the
equation 4.3 [164].

MDSdBm =−174+10× log(Bandwidth)+NF +SNRmin (4.3)

Here, SNRmin is the minimum signal-to-noise ratio and depends on the bit-error-rate (BER)
requirements for a given modulation scheme. For establishing a communication link, the re-
ceived power PRX must be greater than MDSdBm. As discussed in [136], the respective Tx
output power back-off levels for 16-QAM and 64-QAM modulation schemes are 6.5 dB and
7.6 dB. These assumptions are based on root-raised-cosine (RRC) filtering with a roll-off
factor of 0.35. The required SNRmin for a BER of 10−6 for QPSK, 16-QAM and QPSK mod-
ulation schemes are 14 dB, 20 dB and 25 dB respectively. The PRX in dBm can be calculated
using the Friis equation [186].

PRx = PT x +GT X +GRx +20× log10(
λ

4πR
) (4.4)

Based on the parameters of the 240 GHz Tx and Rx chipset in Table 4.1, the maximum
estimated range for the different modulation schemes is shown in Figure 4.21. For QPSK
modulation, the maximum range is 6.2 m. For 16-QAM and 64-QAM modulation scheme,
the maximum range is 1.4 m and 0.8 m respectively. For QPSK modulation scheme, the Tx
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Figure 4.21: Simulated maximum range for a high data-rate communication system using the
240 GHz packaged-Tx and Rx chipset for different modulation schemes. For a BER of 10−6,
the maximum estimated range for QPSK modulation is 6.2 m, for 16-QAM it is 1.4 m, and for
64-QAM it is 0.8 m.

output power is assumed to be 3 dBm (corresponding to OP1dB). For high directive point
to point links, the link performance is sensitive to misalignment between the Tx and Rx. In
this estimation, it is assumed that the Tx and Rx are perfectly aligned and no loss-margin is
considered. Also, the back-off levels are conservative numbers. In reality, the back-off levels
can be relaxed further based on the EVM requirements and error-correction methodology used
in signal processing.

4.4.2 240 GHz wireless communication data-rate measurements

Figure 4.22 shows the measurement setup for the high data-rate communication system using
the fully-integrated 240 GHz quadrature Tx and Rx chipset for a wireless link of 70 cm. The
differential IF inputs of the Tx are connected to an arbitrary-wave-generator (AWG), and IF
outputs of the Rx are connected to a real-time oscilloscope using phase-matched cables. The
IF inputs are ac-coupled using precision dc-blocks operating from 0-65 GHz. The dc-blocks
have flat group-delay characteristics up to 40 GHz. The external LO input for the Tx and Rx is
driven by the same external synthesizer using a power splitter. For this measurement, PRBS9
data is used as the input data stream at the IF input of the Tx and the IF power level is -5 dBm.
At the transmit and the receive side, root-raised-cosine (RRC) filtering with a roll-off factor of
0.35 is used for pulse shaping.
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Figure 4.22: Measurement setup for the 240 GHz high data-rate communication system for a
wireless link of 70 cm. An AWG is used to feed the Tx IF input with PRBS9 data, and the IF
outputs of the Rx are connected to a real-time oscilloscope.

4.4.2.1 Measurement results for BPSK modulation scheme

Figure 4.23 shows the eye-diagram for BPSK modulation scheme at different data-rates. The
measured rms EVM is 16% at 10 Gbps, 17.8% at 15 Gbps, 24% at 20 Gbps and 30% at 25
Gbps. As data-rate increases from 15 to 25 Gbps, EVM drops sharply from 17.8% to 30%
since the IF bandwidth of the PCB is limited to 13 GHz. These results are raw-data without
any IF cable compensation, channel equalization and pre-distortion.

4.4.2.2 Measurement results for QPSK modulation scheme

Figure 4.24 shows the eye-diagram for QPSK modulation scheme at different data-rates. The
measured rms EVM is 15% at 17 Gbps, 17% at 20 Gbps and 24% at 24 Gbps. The 240 GHz
Tx and Rx chipset do not have clock recovery circuitry, which makes it prone to the effects of
phase misalignment between the Tx and Rx LO. The LO phase misalignment results in cross-
talk between the I and Q channels. For this measurement, the limitation due to LO phase
misalignment is tackled by manually changing the LO-feed path length from the splitter to
the Tx and Rx LO. However, this is not a precise approach and repeatability is challenging
especially at high data-rates. This is one of the bottlenecks in measuring data-rates beyond 24
Gbps for QPSK modulation scheme.
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Figure 4.23: Eye-diagram and constellation for BPSK modulation scheme at a carrier fre-
quency of 240 GHz. The measured rms EVM is a) 16% at 10 Gbps, b) 17.8% at 15 Gbps, c)
24% at 20 Gbps and d) 30% at 25 Gbps.
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Figure 4.24: Eye-diagram and constellation diagram for QPSK modulation scheme at a carrier
frequency of 240 GHz. The measured rms EVM is a) 15.7% at 17 Gbps, b) 17% at 20 Gbps
and c) 24% at 24 Gbps.
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4.4.2.3 Summary of the data-rate measurements

Table 4.2 summarizes the results of the 240 GHz high data-rate communication system pre-
sented in this thesis. These results are without any IF cable compensation, channel equaliza-
tion and pre-distortion.

For the estimation of BER, SNR can be calculated from EVM using the expression SNR ≈
( 1

EV M )2 [188]. From the SNR, BER can be estimated based on the standard Eb/No curve with
the assumption of additive white Gaussian channel noise [187]. Based on this consideration,
SNR greater than 10 dB is required for an estimated BER less than 10−8 for BPSK modulation
scheme. For the 240 GHz communication system presented in this thesis, this condition is
satisfied up to a data-rate of 25 Gbps for BPSK modulation scheme. For QPSK modulation
scheme, SNR greater than 15 dB is required for an estimated BER less than 10−8. For the 240
GHz communication system presented in this thesis, this condition is satisfied up to a data-rate
of 20 Gbps for QPSK modulation scheme. The measured SNR at a data-rate of 24 Gbps for
QPSK modulation scheme is 12.4 dB, and hence the estimated BER is lower than 10−5 in this
case.

The estimation of BER above is based only on the assumption of additive white Gaussian
channel noise. In practice, BER would increase further due to the different other non-idealities.
By using forward-error-correction (FEC), BER can be significantly reduced. For applying 3rd

order FEC, the required minimum BER threshold is 4.5×10−3 towards achieving a corrected
BER lower than 10−15 with an overhead of 7% [189].

Table 4.2: Summary of the 240 GHz communication system

Modulation Data-rate Baud-rate EVM SNR Estimated
scheme (Gbps) (Gbaud/s) (rms in %) (dB) BER
BPSK 10 10 16 15.9 <10−8

15 15 17.8 15 <10−8

20 20 24 12.4 <10−8

25 25 30 10.4 <10−8

QPSK 17 8.5 15.7 16.1 <10−8

20 10 17 15.4 <10−8

24 12 24 12.4 <10−5
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4.4.3 Conclusion

In this chapter, the RF and IF characterization results from a wideband fully-integrated 240
GHz quadrature Tx and Rx chipset are presented. A high data-rate communication system
using this chipset is demonstrated. Table 4.3 compares the result from this work with others
reported in the literature from 200-325 GHz. In [6, 8–10], Tx and Rx chipsets with integrated
on-chip antennas for high data-rate communication have been demonstrated. However, the
maximum range is limited to a distance of 1-3 cm. This mostly limits their usability for
chip-to-chip communication or near-field communication. Recently, a Tx chip at 300 GHz is
reported in [71] which is capable of supporting 32-QAM, but the output power is only -14.5
dBm. Moreover, it is only a Tx implementation with no on-chip antennas, and no real wireless
link is demonstrated.

The chipset presented in this work has the highest output power and RF bandwidth among
all the other Tx and Rx implementations in the 200-325 GHz frequency range in silicon tech-
nologies. Also, record data-rates were demonstrated over a wireless link of 70 cm (limited
by measurement setup). The estimated maximum range for QPSK modulation scheme using
this chipset is 6.2 m. The data rates reported in this work are raw-data. The maximum data-
rate can be significantly increased by compensating for the IF cables, channel equalization,
pre-distortion and other error-correction techniques. For III-V technology based Tx and Rx
implementations reported in the literature, data rates up to 64 Gbps have been reported at 240
GHz over a wireless link of 850 m in [13]. However, it is based on the bulky split-block
waveguide modules, and the maximum output power is only -4.5 dBm and external antennas
with 50 dBi gain are used. Also, the fmax for the III-V technology used for this implementation
is 1 THz, and the frequency of operation is close to fmax/4. In comparison, the frequency of
operation for the 240 GHz Tx and Rx chipset presented in this thesis is close to fmax/2, and
yet the performance is significantly better.
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Table 4.3: Tx and Rx chips in the 220-325 GHz range reported in the literature

Tech Freq, LO Tx Rx App Ref On-chip Note
BW arch Prad , CG, Data rate antenna

EIRP, NF (Gbps)
OP1dB

(GHz) (dBm) (dB)
130-nm 240, x16 8.5, 35.8, 3 15, Comm This yes 0.7 m
SiGe Tx 40 15 24, QPSK work link

Rx 28 25, BPSK [11]
40-nm 275-305, x3 -14.5, -, - - Comm [71] no Tx only,
CMOS - 17.5×63 on-wafer

32-QAM
65-nm 240 VCO 0, 1, - 25, Comm [9, 10] yes 1-2 cm
CMOS +x3 15 16, QPSK link
65-nm 254 push-push -4.8, -, - - 10, OOK [190] no Tx only
CMOS VCO - on-wafer
32-nm 210, Fund -, 5.13, - 18, 10, OOK [6] yes 3.2 cm
CMOS >14 VCO 11 link
65-nm 260 VCO -, 5, - 17, Comm [8] yes 40 mm
CMOS +x4 19 10, OOK range
130-nm 220, 30 sub- - 16, 18 Imaging [180] no Rx
SiGe 320, 13 harmonic -14, 36 Comm only

(x9)
130-nm 240, 40 External - 18, 18 Comm [191] no Rx
SiGe LO only
130-nm 314 push-push -8, -, - -22.5, - [85] yes -
SiGe VCO 19.5

III-V implementations
250-nm 300, Fund -2.3, -, - 26, - [192] no -
InP Tx 18 VCO 16
HBT Rx 20
mHEMT 240, x6 -4.5, -, - -,11 Comm no 850m

64 64, QPSK [13] link



Chapter 5

Conclusion and future outlook

This thesis addressed the various circuit design challenges and system level considerations for
the realization of fully-integrated wideband Tx and Rx chipset towards sub-mmWave frequen-
cies in SiGe BiCMOS technologies. In the first part of the thesis, the focus was on the chal-
lenges at the individual circuit building-blocks of the RF front-end. The particular emphases
are on the aspects of wideband operation, and high RF power generation. At frequencies of
operation close to fmax/2, the limited MAG does not leave enough room for gain-bandwidth
trade off. Hence, the implementation of wideband high gain amplifiers requires optimum in-
terstage matching networks. Another significant impediment is the limited output power of
PAs, which severely limits the maximum range of wireless links towards sub-mmWave fre-
quencies. The output power is limited due to the low output impedance (at resonance), which
makes it challenging to couple the output power to the load. In this thesis, the special consid-
erations for loadline matching of PAs towards sub-mmWave frequencies are presented for the
first time. Additionally, power combination techniques for PAs were explored. Based on these
considerations, a 4-stage wideband PA at 240 GHz was implemented with a small-signal gain
of 26 dB, a 3-dB bandwidth of 28 GHz, and a record peak output power of 7.5 dBm (without
power combination). This PA has the best FoM among all the other silicon-based implementa-
tions above 200 GHz at the time of writing this thesis. In this design, the capacitor-coupled LC
resonator based bandwidth enhancement technique is used. Also, power combination for PAs
above 200 GHz was demonstrated for the first time in a silicon technology with a peak out-
put power of 9.6 dBm (record number) at 215 GHz. Another key challenge addressed in this
thesis was the implementation of a high-power wideband tunable LO source. A wideband tun-
able LO gives the chipset a generic attribute, which makes it suited for applications requiring
a fixed (communication) or a wideband tunable LO (FMCW RADAR, imaging, and mate-
rial characterization). A 240 GHz LO signal source based on a frequency multiplier-based
topology (×16) with a peak output power of 6 dBm, and a 3-dB RF bandwidth of 50 GHz
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was presented. This circuit was optimized to operate from low input RF power (-10 dBm),
and dc-power consumption was minimized to 0.74 W. The LO signal source can be used as
a high-power standalone source, and also it can be used to drive sub-harmonic receivers at
480 GHz with an overall bandwidth of 100 GHz. This source can also be used for wideband
power generation at sub-mmWave frequencies by cascading non-linear stages at the output.
Furthermore, the design of 240 GHz up-conversion and down-conversion mixers optimized
for high RF and IF bandwidth were presented.

In the second part of this thesis, the system level and packaging aspects for the imple-
mentation of a fully integrated direct-conversion 240 GHz quadrature Tx and Rx chipset in a
compact form-factor were presented. The Tx and Rx chipset were integrated with wideband
on-chip antennas designed to be used with an external replaceable silicon lens for backside
radiation. The ability to mount external silicon lens in the case of backside radiation gave
the ability to have flexible application specific directivities by varying the lens size. Also, it
reduced the size of the on-chip antenna due to the high dielectric constant of silicon. The
chip-lens assembly was integrated into a low-cost PCB based on the Rogers 4350B material.
For wideband IF matching, stepped impedance microstrip-line based low-pass filters were im-
plemented on the PCB, and the overall IF bandwidth is 13 GHz. The packaged chipset was
used to demonstrate a high data-rate communication system at 240 GHz over a wireless link of
70 cm. For QPSK and BPSK modulation schemes, the maximum measured data-rates using
this chipset are 24 Gbps and 25 Gbps respectively. At the time of writing this thesis, this is
the highest data-rate reported in the literature for fully-integrated wireless systems operating
above 200 GHz in silicon technologies.

Hence, the results presented in this work contribute further in establishing silicon-based
wideband, fully-integrated, compact and low-cost systems as a viable alternative to the exist-
ing III-V based systems towards sub-mmWave frequencies.
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5.1 Recommendations for future work

In this section, some recommendations for further performance enhancement and frequency
upscaling of the 240 GHz fully-integrated quadrature Tx and Rx chipset (presented in this
thesis) are briefly summarized.

• For future versions of the 240 GHz Tx and Rx chipset, on-chip integration of a 12.5-
18.75 GHz frequency synthesizer should be considered to circumvent the need for ex-
ternal synthesizers, and make the implementation completely independent.

• For making the 240 GHz Tx and Rx chipset well-suited for robust and real-time commu-
nication links, RF carrier recovery techniques like Costas-loop should be incorporated
on-chip.

• For the direct-conversion topology, LO leakage and I/Q imbalance results in the deteri-
oration of the signal constellation, and consequently it degrades the EVM further. For
future versions of the 240 GHz Tx and Rx chipset, on-chip integration of analog and
digital calibration techniques should be investigated to circumvent these limitations.

• The mismatch in the wire-bond used to connect the chip to the PCB introduces as-
symetry in the differential IF inputs of the chip. Hence, for future versions of the 240
GHz Tx and Rx chipset, on-chip active baluns should be integrated for a single-ended
IF interface from the chip to the PCB.

• A QPSK transmitter at 720 GHz can be implemented by just adding a frequency tripler
(×3) at the output of the 240 GHz PA in the Tx, and by frequency upscaling of the
on-chip 240 GHz antenna. Although, a ×3 frequency multiplication of a QPSK signal
results in some amount of signal corruption due to the increased PM distortion, the
overall constellation is still preserved. At the Rx side, the wideband 240 GHz LO signal
source can be used to pump a sub-harmonic mixer for heterodyne detection. Hence, a
720 GHz Tx and Rx chipset with more than 100 GHz RF bandwidth can be implemented
by making these modifications.
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